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ABSTRACT
This thesis is concerned with the monolithic implementation of Switched
Capacitor circuits for applications requiring bandpass filters with selectivities
greater than 100 and at frequencies below 5MHz. Filters with these requirements
have wide applications in telecommunications systems and in instrumentation, and
are currently implemented using either electro-mechanical components or digital
signal processing techniques. Fully integrated systems have potential advantages in
terms of size and cost over these solutions. However, to realise these potential
advantages, new circuit design and implementation techniques are needed for
complex, single-chip filtering systems.
SC design techniques available from the literature are used as the starting
point for this project. High level building blocks that are required for high-Q filters
are identified, and designed and implemented using MIETEC 2.4p,m CMOS
technology. Throughout the design, novel circuits were developed and verified with
measured results. In total, over 60 mm^ of silicon area was used, which was spread
over 5 ICs. The experimental results high-lighted the sensitivity of clock
feedthrough in the architectures used. The results are used to propose a new circuit
that will substantially reduce clock-feedthrough and the circuit is partially verified
using the implemented ICs.
The experience gained from the project was also used to develop a design
methodology that can be used, for example, to implement high-Q filters using a
high level specification, such as a mask definition. Finally, an important by-product
of the investigation is a novel technique that can be used for wide ranging and
continuous tuning of any circuit parameter that is determined by a capacitor ratio.
This is useful for high-Q filters, since it will enable continuous on-line control of
centre frequency and Q, thus allowing them to be used in adaptive filter
applications.
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List of symbols and acronyms
sharpness o f the filter
A DC

A nalogue to Digital Converter

AAF

Anti-Am aging Filter

AIF

Anti-Imaging Filter

BWpb

pass-bandwidth

BWsb

stop-bandwidth

DAC

D igital to A nalogue Converter

D SP

Digital Signal Processing

FDM

frequency division multiplex

FGI

Finite Gain Insensitive

FIR

Finite Impulse Response

fo

centre frequency

fr

resonant frequency

FT

Frequency Translation

fx

unity gain o f the transistor

HR

Infinite Impulse Response

NB

Narrow Band

NP

N-path

NPFT

N-path Frequency Translated

pbr

passband ripple

Pg

peak gain

PNP

pseudo-N-path

Qc

Q o f a capacitor
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stopband ripple
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1,1 INTRODUCTION AND GENERAL AIM
This thesis is concerned with the monolithic implementation of complex analogue
VLSI systems to obtain filters with Q greater than 100 at frequencies below 5 MHz.
Filters with these specifications have wide applications in telecommunications
systems such as in military high performance single sideband (SSB) radios, in
frequency division multiplex (FDM) equipment, and in instrumentation such as
spectrum analysers. These filters are currently implemented using either electro
mechanical components or digital signal processing elements [1-3,176-184]. Fully
integrated analogue systems have potential advantages in terms of size and cost
over these solutions. They may also be made programmable, and will typically
consume an order of magnitude less power than digital circuits performing the same
function. To realise these potential advantages, however, new design techniques are
needed for complex, single-chip filtering systems.
The starting point for the work described is the contribution in the field of
SC filter architectures by José Franca and Andrew Betts, which has resulted in a
number of novel architectures for high-Q filters. Several of these architectures have
been successfully simulated and some measured results have been obtained using
discrete components, but they have not been implemented using monolithic
integrated techniques. Therefore, we aim to test these architectures, explore any
implementation issues, and to develop a structured approach to the design and
implementation of such filters. The final goals of the project are to produce a
demonstration high-Q filter on a single chip and to develop a methodology for
implementing high-Q filters from a high level specification, such as a mask
definition.
In this chapter we start with a description of selectivity in filters, since the
definition of Q is central to the design and implementation of high-Q filters. This is
followed by a discussion on the factors that limit selectivity in real systems. Once
these factors are identified, past literature on high-Q filters is reviewed and a viable
architecture that can be used to implement monolithic high-Q filters is proposed.
This architecture is further investigated and its limitations are identified. Past
attempts to overcome these limitations are then reviewed.
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1.1.1 Selectivity in filters.
This section defines a num ber o f terms used to describe selectivity in filters.
Filters are used in electronic equipm ent to pass a band o f frequencies and
attenuate frequencies outside this band. The frequency response o f the filter can be
characterised by a num ber o f ‘high-level’ param eters w hich, for a bandpass filter,
can be sum m arised as pass-bandw idth (BWpb); stop-bandw idth (BWgy); centre
frequency (fo); peak gain (pg); passband ripple (pbr) and stopband ripple (sbr). This
is illustrated in figure 1.1.
c e n tre fre q u e n c y (fo)
p a ssb a n d

p a ssb a n d
b a n d w id th
(B W p b )

sto p b a n d
reje c tio n
s to p b a n d
ban d w id th (B W sb )

Frequency

Figure 1.1 High level parameters for a bandpass filter response.

O f these param eters, a filter’s selectivity can be defined by two factors:
a) the sharpness of the filter (0.^%) given by (BWpb/BWsb)* 100 and
b) the relative bandwidth (RBW % ) given by (BWpb/fo)*100 (Q=100/RBW .)
Highly selective filters are characterised by high values of Qg and low values
o f RBW . In this thesis, we are concerned w ith im plem enting filters w here the
selectivity is increased by reducing the RBW o f filters.
We shall define N arrow Band (NB) filte rs as those with R B W betw een 10%
a n d 1%; Very N arrow B and (VNB) filte r s as those with R B W betw een

1% and

0.1% ; and Ultra N arrow B and (UNB) filte rs as those with R B W between 0.1% and

0.07%.
1.1.2 Factors limiting selectivity in real system s
From a review o f the past literature on filters, we have identified two fundam ental
lim itations o f any filter architecture that restricts its use in the design of high-Q
filters. The first m ajor lim itation is concerned with the am plitude and phase error
incurred w ithin the signal processing elem ents. These errors lead to losses (for
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example insertion loss) and it can be shown that they directly limits the maximum
achievable Q. The second limitation is the demand on the precision and the
subsequent tolerance level of the components used in the design. The following
section explains error in the signal processing elements of a filter. This is then used
in the next section to explain why filters implemented with lossy signal processing
elements cannot achieve a Q beyond a certain limit.
Error in the signal processins elements
A key signal processing section in a filter can be identified as a resonator, which is
formed by the combination of several elements. For example, in a passive LC filter,
an inductor and a capacitor form a resonator, whereas in an active filter, two or
more integrators with feedback form a resonator. The function of the resonator as
the critical signal processing block and the limitations imposed by the amplitude
and phase error in these resonators for high-Q filters can be understood from the
analysis of the filter shown in Figure 1.2a. It shows a singly-terminated bandpass
filter that uses an ideal series LC resonator.
JÛ)
L

R

l

Vo

(a)

(b)

F igu re 1.2 An ideal bandpass LC Filter (a) schematic diagram (b) pole-zero representation

It can be shown that the voltage transfer function of the filter with ideal
components in s-domain is given by:
H{s) = ^ =
E^

sCRi
2
s LC + sRC +1

( 1. 1)

The frequency response of (1.1) can be obtained by replacing s with jcù, and
evaluating H(jcû) for all

G).

At the centre frequency, which is also the resonant

frequency given by 1 / ZrtVZc, the output voltage is equal to the source voltage. At
any other frequency, the output signal will be attenuated.
Alternatively, the transfer function given in (1.1) can be expressed in a pole-
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zero diagram in the s-plane, which is shown in figure 1.2b. In the s-plane, (1.1) is
represented by a zero and a pair o f com plex poles. It can be shown that the Q o f the
bandpass filter is governed by the a value of the com plex poles, which is given by:

( 1.2 )

T herefore, by using suitable values o f L and R l , the com plex poles can be placed
anyw here on the negative half of the s-plane and any Q can be achieved.

Jto
L

-W-

Rc

:rl

Vo

(a)

(b)

Figure 1.3 A non-ideal bandpass LC Filter (a) schematic diagram (b) pole-zero representation

Figure 1.3 show s a sim ilar bandpass filter, but using a series resonator m ade
up o f a non-ideal capacitor with a parasitic resistor, Rc, and an ideal inductor. The
frequency response o f this non-ideal filter is affected in two ways. F irstly, at
resonant frequency, the output voltage is attenuated and the attenuation factor is
go v ern ed by Rc. T his is equivalent to an insertion loss. Secondly, and m ore
im portantly, there is a region where the com plex poles (and the zero) cannot be
placed as show n by the shaded region in figure 1.3b. It can be shown that:

-1
^min

2Œ,.

(1.3)

and therefore puts a lim it to the m axim um Q that can be achieved using the no n 
ideal capacitor. T he quality factor Q c of a non-ideal capacitor is defined as ooCRc
(Rc is the parallel resistance of C), and sim ilarly Q l o f a non-ideal inductor is

defined as coL/Ri (Ri is the series resistance of L) [4]. The finite values o f both R\
and Rc reduce the quality factor o f these com ponents and therefore set an upper
lim it on the Q that can be achieved in a system using these non-ideal com ponents.
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Demand on the precision o f components
This section will identify the requirement on the precision of components that are
needed for high-Q filters. In practice the components cannot be fabricated with
arbitrary precision and therefore it will be shown that the maximum Q of filters that
can be implemented is limited.
As described above, resonators that are required for high-Q filters have their
poles close to the imaginary axis when they are represented in the s-plane. The
position of this pole is defined by the component (and their associated parasitic)
values used in the design. When components are fabricated, both the component
and their associated parasitic values deviate from their nominal values. Therefore,
the poles and zeros of the fabricated resonators also deviate from the nominal. This
results in amplitude and phase errors, leading to inaccuracies in the transfer
function. In practice, these errors are minimised by some form of tuning, which
brings the poles and zeros back into their nominal position, and therefore correcting
the amplitude and phase errors. However, these tuning techniques work effectively
only if the errors are small.
JO)

(Oo

01

a

orig

■ (Oo

(01

(01

I

ong

a
(a)

<

02

(b)

F igu re 1.4: The deviations o f the pole positions due to deviations in the com ponent values

Now, the changes in the fabricated component values of a resonator bear a
close relationship with the deviations in the poles and zero. However, the resulting
amplitude and phase errors are also a function of their absolute values. For high-Q
resonators, where the poles are close to the imaginary axis, small deviations in the
poles can lead to relatively large amplitude and phase errors. The phase error within
the resonator in particularly important when they are used in high-Q filters. This is
because the total phase difference between the input and the feedback branch of the
resonators is close to zero. Hence any error will lead to large percentage deviations
in the phase difference. This is illustrated in figure 1.4a and 1.4b, where it is
assumed that the component variation causes only a change in the a value of the
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pole position. In the first case, aorig is equal to o l and in the second case aorig is
equal to a2 ( a 2 « a l ) . In both cases the new pole position has be shifted by a factor
proportional to their original a value. The values 601 and 602 give the phase error
at ml, which is Aco away from cOo, for the cases a and b respectively.
Figure 1.5 gives the calculated phase error as a function of the normalised
frequency given by A(û/(ùq. In this example, a2 = l, al= 10a2 and the a-value of the
pole is changed by 0.1%. As shown, 6 0 2 is much larger than 601 except at cOq»
showing that the phase error is more sensitive to pole variation when the pole is
closer to the imaginary axis. A useful expression to compare the phase errors due to
the change in the pole positions is the ratio 6 0 2 /6 0 1 . Simulations showed that,
around oOq» this ratio is approximately 10, even though their absolute values are
small. Further calculations showed that, around the cOq» this ratio is proportional to
the ratio of the absolute pole positions and is virtually independent of their
deviations.
(-) 601 (— ) 802
0.3

0.2

I
5

-

0.1

-

0.2

-

0 . 3.
-

0.6

-

0.4

-

0.2

0

0.2

0.4

0.6

Normalized frequency (Aco/coo)

F igu re 1.5: The variation o f the phase error with the normalised frequency (A(û/a>o)

Now, Q of the resonator is governed by both a and co values of the poles,
and therefore the sensitivity of Q to component variations is also dependant on the
absolute Q. Simulations have shown that this sensitivity is approximately
proportional to Q. Hence, for resonators that are required for high-Q filters, small
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component variations can lead to relatively large amplitude and phase errors.
Additionally, in the presence of excess phase due to higher order parasitic poles, the
total phase error can lead to the poles shifting to the positive half of the a-axis,
causing instability in the system. This implies that the components required to
implement high-Q resonators should have a high precision, so that the
corresponding poles and zeros of the implemented resonators have small deviations
from their nominal values.

1.1.3 P a st w ork relevant to th is th e s is
This section reviews the architectures and technologies that have been used in the
past to implement high-Q filters. It explains why these methods are limited in their
application to high-Q filters in terms of the factors that were addressed in the
previous section. The section concludes with a summary of the architectures
discussed and highlights the technology that is chosen to implement UNB filters.
Historically, electronic filters were first realised using passive circuit
elements such as resistors, inductors and capacitors. However, inductors have
several drawbacks when used for NB filters. They are usually very lossy due to
inherent resistance, and it turns out that the highest practically achievable Ql is
about 1000 [4]. As explained, this sets an upper limit on the maximum Q that can
be achieved using these passive components.
Now, it is possible to obtain high-Q acoustic resonators with low loss and
hence small amplitude and phase errors. Therefore, if these resonators are used in
the filtering functions, the limitation imposed by the lossy inductors can be
overcome. This is the class of electro-mechanical filters [2], where the electrical
signal is first converted to an acoustic signal using a transducer and is filtered. The
filtered signal is then converted back into an electrical signal using another
transducer. Since the amplitude and phase errors within the resonators are small,
high-Q can be achieved. Several types of electro-mechanical filters exist. They
include mechanical filters, crystal filters, ceramic filters and surface acoustic wave
(SAW) filters. The most useful of these electro-mechanical filters for VNB and
UNB filters, at the frequency range of interest, are the mechanical and crystal
filters. This is because ceramic filters cannot achieve RBW < 1% and SAW filters
are used mainly for frequencies over lOMHz. Figure 1.6 gives the application range
of electro-mechanical filters [2].
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/ / / / / / / / / / /
\M e c h a n ic a l/\\\\
\ // \ // \ // \// \// \ //\ //\ //\ //\ //\ //

\ \ \ \ \ \ \ \ \ \ \

ï '

SAW

1Q
C

o .H

o'

Crystal
I
Ik H z

lO kH z

I
KXIkHz

1-------- 1—"

lO M H z

l(H )M H z

Frequency

Figure 1.6 A pplication range o f electro-mechanical filters [see reference 2],

M echanical filters are passive filters that consist of acoustically coupled bulk
(or ‘lu m p ed ’) m echanical resonators. These resonators have low am plitude and
phase errors since the friction loss on a m echanical elem ent vibrating in air is very
low, when com pared w ith the resistive loss in an inductor. Additionally, m echanical
resonators have good tem perature and ageing characteristics, and therefore have
been used to im plem ent high-Q filters. For exam ple, m echanical filters with RBW
of 1% have been used in tim ing tank filters in digital subscriber system s where they
are necessary to regenerate the w aveform o f burst-m ode signals [5]. Filters with
RBW s o f 0.6% and 0.17% have also been used as SSB radio filters and as pilot tone
filters respectively [2]. These m echanical filters are, however, bulky and costly. In
addition, the errors in the m echanical resonators, mainly resulting from friction and
eddy current losses, lim its its achievable Q to the range 2500-3500. This, coupled
with the transducer losses, m ean that the m inim um RBW that can be achieved using
the m echanical filters is 0.05% [2].
C rystal filters use very low -loss resonators fabricated using quartz or
piezoelectric m aterial. A typical crystal resonator Q is in the range 20,000 to
100,000 and therefore can be used to design filters with Q higher than that achieved
with m echanical filters. For exam ple, filters with RBW of 0.05% have been used to
provide IF selectivity for com m ercial narrow band FM radio equipm ent and as SSB
filters in m ilitary radios [1]. Filters w ith RBW o f 0.01% have also been used to
recover the carrier signal frequency in some SSB system s [1]. As described above,
these h ig h -Q cry stal filte rs req u ire high p recisio n co m ponents. S ince the
m anufacturing processes do not guarantee the required tolerance levels, external
com ponent trim m ing is required. C rystal filters, therefore require considerable
design tim e and effort and this m akes them relatively expensive. To reduce cost,
more than one crystal resonator can be placed on a single quartz wafer to produce a
‘m o n o lith ic ’ filter. In such filters, how ever, the control o f the RB W due to
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fabrication tolerances is a major problem [1]. These restrictions, therefore, limit the
use of crystal filters in both low cost and high precision systems.
When silicon integrated circuit technology became available in the late
1950’s and early 1960’s, there were attempts to make inductor-less filters. One of
the approaches was to use thin and thick film technology and obtain circuits
consisting of linear active amplifiers, and passive resistors and capacitors [188].
One of the key functional blocks in these hybrid circuits is the integrator shown in
figure 1.7, two of which can be used to realise a resonator.

F igu re 1.7 A hybrid active continuous time integrator.

The pole position in the frequency domain of such a resonator (time-constant
in time domain) is determined by the RC product. The capacitors and resistors
obtained using this technology have a low precision with uncorrelated errors as
much as ±10%. As described above, such tolerance levels will lead to large
deviations of Q when they are used in high-Q filters.
In the 1970’s there was a considerable interest to produce fully integrated
monolithic filters. Compared to the filter systems just discussed, integrated
monolithic filters have several advantages. For example, the reduction in size that
results from integration makes it possible to incorporate the filters with other signal
processing elements in a single IC. A single manufacturing process can then be
used for a large part of the system, which leads to increased reliability. The cost of
the overall system will also be reduced due to cheaper mass produced ICs and lower
assembly costs. Furthermore, integrated ICs demonstrate better component
matching than discrete components. Therefore, in applications where the transfer
functions can be implemented in terms of the ratio of components rather than their
absolute values, low tolerance components can be used to implement high-Q
resonators. In spite of these advantages, the existing analogue filter design
techniques can only be used to implement relatively low-Q integrated filters,
mainly due to fabrication tolerances.
An alternative method of obtaining high-Q filters using integrated
components that does not require tight component tolerances is to use digital signal
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processing techniques [3]. Figure 1.8 illustrates a digital filter system. The analogue
signal is first band limited by a continuous time anti-aliasing filter and then
converted to a digital form by an analogue-to-digital converter (ADC). The
digitised signal is processed by a digital filter, and the resulting signal is converted
back into analogue form by a digital-to-analogue converter (DAG). Finally a
continuous time anti-imaging filter is used to smooth the output signal. Filters
implemented digitally have several advantages. They use ‘resonators’ that are
simulated using digital processing techniques. Since these digital signals can be
processed with arbitrary precision (limited only by the practical word length),
‘resonators’ with extremely low amplitude and phase errors can be simulated. Also,
the pole position of the ‘resonator’ is fixed rigorously by the binary coefficients and
hence can be set to any precision. This is therefore a very attractive alternative to
implement UNB filters.

C ontinuous
tim e anti
aliasing filter

A nalogue to
digital
converter

-►

D igital

D igital to
analogue
converter

-►

C ontinuous
tim e anti
im aging filter

F igu re 1.8 A digital filter system.

Digital filters are implemented either as Finite Impulse Response (FIR) or
Infinite Impulse Response (HR) filters. Although FIR filters are implemented using
more complex architectures than HR filters, they are often preferred because they
are easier to design, inherently stable and can perform linear phase filtering.
Digital filters have been widely used in telecommunications applications and
have led to the commercial production of a wide range of general-purpose Digital
Signal Processing (DSP) ICs [9]. For example [10] is a general-purpose FIR filter
that can be configured to give a lowpass filter with a bandwidth of 0.1% of its
sampling frequency, fg, and a steepness Qg of 83% for an fg of 3MHz.
Although, digital filters are attractive for high-Q filter applications, their use
in UNB applications is limited by two factors. Firstly, if the signal is not already in
a digital form (which is the case in most applications), then it has to be converted to
a digital signal. This results in quantization errors and therefore high-precision
filters require a very high resolution ADC. Additionally, the filtered signal will
have to be converted back into analogue form using a similar high resolution digital
DAC. A complete system would also require continuous time anti-aliasing filters
and anti-imaging filters. These additional sub-blocks further increase the
requirement of chip area. The total chip area of a complete digital filter is therefore
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much higher than that of analogue filters implemented for the same specification. A
second important consideration is that in general, digital filter chips have a higher
power consumption than active analogue filters performing the same function. For
example, the power consumption of the FIR filter given in [10] is 1600mW when
operated at 3MHz. A typical 16-bit ADC and a DAC would consume a further 1200
mW [11]. Current IC technologies can produce CMOS filters with less than ImW
per pole using dynamic techniques that minimise standby power [12]. Using such
techniques a system equivalent to the digital implementation described above could
be expected to have a power consumption of about 25 mW. This is 100 times lower
than the power consumed by the digital system, and therefore an alternative
architecture is required for low-power applications.
The first fully integrated analogue filters were possible when Switched
Capacitor (SC) techniques were introduced by Fried in 1972 [13]. In a conventional
SC architecture, the resistors in the active hybrid RC filter are replaced with
switched capacitors. The resistive effect is simulated by transferring packets of
charge from one node to another and is achieved by charging the plates of the
capacitor by connecting them to one node and then discharging them to another
node. The integrator shown in 1.9a is a modified form of the SC integrator, which is
insensitive to parasitic capacitors [14].
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F igu re 1.9a Switched Capacitor integrator.

When the circuit is switched at frequency fg, the approximate value of the
simulated resistor is given by

The time constant that defines the pole position is given by

Js M
The pole position is therefore set by a capacitor ratio and the switching
frequency. The current MOS IC technology can produce capacitor ratios to better
than 0.1% and the clock frequency can be accurately controlled with a quartz
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oscillator. A filter can therefore be designed with its centre frequency set by a stable
clock frequency and its Q controlled by accurate capacitor ratios. These advantages
have resulted rapid progress in the SC technique [15-18] which is now widely used
[19-29]. Since the technique has overcome the limitation imposed by the variations
of fabricated components in hybrid active RC filters to a large extent, it provides an
attractive mean to produce high-Q filters that require much lower power
consumption than digital filters.
As discussed above, the main limitation of implementing monolithic hybrid
active RC filters is the difficulty in obtaining high precision resonators using
fabricated components which have a low tolerance. Another approach to overcome
this limitations is to use active elements to compensate for fabrication errors. For
example, a MOSFET biased in the linear region can be used to replace the resistor
in the integrator as shown in figure 1.9b. Its resistance can then be varied with an
external bias voltage to compensate for the variation in the fabricated capacitor
value. Another approach is to use an integrator consisting of a variable
transconductance amplifier and a load capacitor as shown in figure 1.9b. The
transconductor gain gm can then be varied in a similar manner to compensate for the
variation of the capacitor value.

r
F igu re 1.9b A ctive continuous time integrator building blocks.

To use these integrators in monolithic high-Q filters, the two criteria of low
amplitude and phase errors within the resonator and precision of pole position must
be satisfied using the fabricated components. Amplitude and phase errors for these
active resonators result from the amplifier non-idealities, such as the gain and offset
voltages, and from the parasitic elements in the integrated active elements and
capacitors. It has been shown that the amplifier gain required for the integrators
used for high-Q filters must be extremely large ( A » Q ^ , where A is the amplifier
gain) [6]. Although by having several amplifiers in a single stage the individual
amplifier gain requirement can be reduced, the large component spread required for
such filters limit their practical achievable Q to about 10 [6].
In some filter architectures, the amplitude and phase errors of the resonators
resulting from the limited gain of the amplifiers can be reduced by using positive
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feedback [6]. The loss in these circuits is then effectively absorbed within the
resonator and so it can be used to obtain high-Q filters. Positive feedback, however,
can lead to instability in filters and therefore requires tight component tolerances.
This is because slight deviations of the pole position due to the component
variations can shift this pole to the positive half of the imaginary axis, resulting in
instability. In practical low Q circuits, the required precision of the pole position is
achieved by using on-chip automatic tuning circuits using matched components [7],
However, for high-Q filters, these systems can occupy a large proportion of the chip
area and consume a substantial amount of power. Due to these limitations, the
maximum realisable Q reported is barely above 50 [8].
Recently, a closely related architecture to SC circuits has been proposed —
Switched Current (SI) circuits transfer packets of current, rather than charge, from
one node to another [30-31]. In contrast to the SC approach where the time constant
is dependent on the linear capacitor ratios, the SI time constant is dependant on
MOSFET aspect ratios (W/L). Although most of the properties of SI circuits are
similar to that of SC circuits, in several important performance areas (signal to
noise ratio, speed and power consumption) the SC circuits are found to have a
superior performance [32]. Improvements to the SI technique will, no doubt,
emerge, as it is an area of active research. At present, however, it is not suitable for
the new and complex architectures that are required to implement UNB filters.
Filter Design Techniques for audio to lOMHz
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Figure 1.10: Filter design techniques for audio to lOMHz range

Figure 1.10 summarises the filter design techniques that we have discussed
and positions the SC architecture among the others that have been reviewed. As
discussed, the SC architectures have great potential benefits when they are used to
obtain high-Q and low power integrated filters, for the following reasons [4,33-34]:
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•

in comparison to fully analogue systems, they have a greater precision of
frequency response since they can use components with tolerance to
implement resonators with low amplitude and phase errors;

•

they have a better temperature stability since the temperature coefficients
of the components that define the time constants (or pole positions) are
similar;

•

when compared with the digital systems, they require less power and are
free from amplitude quantization errors;

•

when compared with the digital systems, they are much smaller. This is
because the capacitor size can be reduced while maintaining the
capacitor ratios, resulting in very small size SC circuits. For example, by
using a 3|xm CMOS process, an eighth order SC filter operating at 128
kHz clock frequency can be realised with a 3 ~ 5 mm^ chip area and a
lOmW power dissipation [35]. (Although this advantage is being eroded,
as analogue circuits do not scale down as well as digital circuits
[189,190], the analogue circuits have a significant advantage for some
time to come.)

SC resonators, however, are not immune to the detrimental effects of the
amplitude and phase errors. The following sections therefore highlight these
limitations and describe the measures taken to overcome them to produce
architectures for high-Q filters.

1.2 THE CHARACTERISTICS OF SC FILTERS
Since 1972, when the switched capacitor concept was first presented [13], SC
design techniques have made rapid progress. One early method of SC filter design
was to replace the resistors in an active RC network with switched capacitors. This
technique produces an SC filter where each sampled signal follows a single path
through the filter and is therefore classified as single-path filter. The first successful
integrated systems using these SC techniques were PCM CODECs [19,36]. Since
then, SC applications have been widely used in many other systems [35,37]. For
instance, they are used as channel filters in FDM telephony systems, as data
communications filters [38] and in IF applications [39]. They are also used in
mobile telephone receivers [40-41], digital radios [42-43] and in artificial neural
networks [44]. The programmable types of SC filters are used as line equalisers in
digital subscriber systems [45], in speech synthesisers and spectrum analysers [46].
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1.2.1 F a cto rs th at limit th e perform ance of SC filters
There are a number of basic factors that limit the performance of SC filters
designed using the building blocks given in figure 1.9. They are all important when
SC techniques are applied to produce high-Q filters, and are reviewed below.
Loss o f integrator char se
The loss from the integrator results from the use of non-ideal components. For
example, due to technological constraints such as the intrinsic gain of FETs, the
gain of the amplifiers used is limited. This changes the quality of the virtual earth
node, resulting in errors in charge transfer between the capacitors [47]. Further
losses are introduced by the limited bandwidth of the amplifiers. This is significant
only at high frequencies when there is insufficient time to transfer charge accurately
[47]. Similar losses are also introduced by the finite on-resistance of the FETs used
as switches. Furthermore, the finite off-resistance of the switches allows charge to
leak away. All these integrator losses lead to gain and phase errors that limit the
maximum achievable Q.
Mismatch o f components
Limitations in the accuracy with which capacitor and FETs can be manufactured
means that both these components suffer from mismatch problems. The mismatch
of FETs used in the amplifiers leads to offset voltages. This offset is usually not a
serious problem, since the resulting DC offsets at the output can be removed by
simple circuit techniques [4]. Careful layout of capacitor arrays in SC circuits allow
matching accuracies down to 0.1%. Higher accuracy requires self-calibration,
dynamic matching or a combination of both [48], and this requires fairly complex
circuitry. As discussed above, high-Q filters generally require tight component
accuracies and therefore the matching accuracy puts a limit on achievable Q.
Power consumption
In SC circuits, power is dissipated by the amplifiers, drivers, buffers and switches.
The power lost in these functional blocks can generally be reduced by scaling of the
components used. Even though, for fully digital circuits it is possible to go below
O.ljLim gate length [189], the minimum size of the devices used for fully analogue
circuits is usually set by the short channel-length effects [50]. Specifically, drain
induced barrier lowering, velocity saturation, sub-threshold temperature sensitivity
and parasitic series resistance are identified as important limiting factors, which sets
a lower useful gate length of about 2p.m [190]. This limits the reduction in power
consumption that can be achieved by scaling. Further reduction in power
consumption is possible by using a low supply voltage and operating the devices in
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sub-threshold region. For example, a second order lowpass filter operating with a
1 .5

V supply voltage and a

demonstrated

[1 9 1 ].

0.11)LiW

power consumption has recently been

A more complex micro-power heart-rate detector IC with a

supply voltage of 3V and a total power consumption of
reported

[1 9 2 ].

0.09jLiW

has also been

However, energy in SC circuits is also dissipated by charging and

discharging of the capacitors at the clock frequency. While this form of loss can be
reduced by decreasing the capacitor size, technological constraints limit the
minimum size of the capacitor to about lOOfF [4]. These constraints therefore put
an absolute lower limit on the power consumption.
Charge injection
When a MOSFET is used as a switching element in SC circuits, a finite amount of
channel charge is stored within the switch during the turn-on phase. When the
switch is turned off, this charge is dispersed to its terminals [50-52]. The charge
injected on the integrating capacitor for the simple integrator in figure 1.9 for every
cycle is given by VCL^/jix [53], where L is the channel length, C is the integrating
capacitor, |i is the mobility of the carriers, and x is the time constant of the
equivalent active RC integrator. Charge is also injected by the parasitic
capacitances of the MOSFETs. These can generally be reduced by having minimum
sized gates, which is set by the technology and the speed of operation.
A variety of techniques can be used to alleviate the problem of charge
injection. They include dummy switch compensation [54-55], fully or partially
differential configurations, or the use of transmission gates [52]. While all these
techniques reduce the effect of charge injection, it cannot be fully eliminated [52].
In conventional single path SC filters, this is not a major limitation, since its effect
is compensated to a large extent by the high gain negative feedback paths that exists
in these architectures [32]. In multi-path circuits (described later in this chapter)
that are used for VNB and UNB applications, this form of feedback is not possible,
and hence charge injection remains a major limitation [see Chapter 4].
Signal-to-noise (SNR) limitation
The three main sources of noise for SC filters are [56-61]:
a) the clock feedthrough noise;
b) noise coupled directly or capacitively from the power, clock and ground
lines, and from the substrate; and
c) thermal and flicker (1/f) noise generated in the switches and amplifiers.
The clock feedthrough noise can be reduced either by using minimum sized
transmission gates as switches or by using a clock feedthrough compensated circuit
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[52,54,62]. Noise from the power, clock and ground lines can be reduced by careful
layout of the circuit [4] and different circuit techniques [63-71]. The two dominant
sources of thermal noise in SC filter are capacitor switching and amplifier wide
band switching noise. The capacitor switching noise is generated by sampling the
thermal noise generated by the MOS switches on the capacitor and is proportional
to kTIC (where C is the capacitor connected to the switching node) [4]. This form
of thermal noise can only be reduced by increasing C, which entails increased chip
area. The amplifier wideband switching noise is generated by the switches sampling
the flat wideband noise generated at the output of the amplifier. Since the
bandwidth of the amplifier is generally 5 to 10 times higher than sampling
frequency due to settling time considerations [4], the wideband noise is under
sampled and results in increased noise in the baseband due to fold-over effects [72].
The thermal noise is therefore much more difficult to reduce and sets the dynamic
range of SC filters [32].

1.3 SC TECHNIQUES FOR HIGH-Q SC FILTERS
This section reviews recent SC techniques and explains why they cannot be used to
implement UNB filters by critically analysing them in the light of the two
fundamental limitations introduced in section 1.1.2. From the literature, an
architecture is chosen that best suits the requirements for the UNB filter
applications and highlights its limitations when used to implement the UNB filter.
As explained in section 1.1.2, the main limitations of high-Q filters are the
amplitude and phase errors in the integrator and the accuracy of components. Since
MOS capacitor ratios can be fabricated to an accuracy of 0.1%, attempts were made
to design high-Q filters using conventional single-path SC architecture. An example
of what has been achieved is given by Song and Gray [39], who produced a 6th
order elliptical bandpass SC filter with RBW=1.8% (Q=55) with a centre frequency
of 3.1MHz. To reduce the loss from the integrator, it used amplifiers with gain over
60dB. To achieve high gain and wide bandwidth in a CMOS amplifier is difficult
because of the inherent low transconductance and limited short-circuit unity current
gain (fx) of MOS transistors [20,73-74]. Several techniques have been proposed to
obtain amplifiers with high gain or wide bandwidth [74-78]. The reported results
show that it is possible to achieve amplifiers with either a high DC gain or a large
bandwidth, but not both. Additionally, these amplifiers require a large chip area and
a high power consumption. This led to the proposal of finite gain insensitive
integrators [79-87]. These circuits reduce the charge loss due to finite gain by
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correcting them in the subsequent clock phase and are characterised by having a
phase error that is proportional to the inverse square of the DC gain of the amplifier.
Using such techniques, it has been shown that the percentage Q deviation due to
limited amplifier gain can be reduced by as much as an order of magnitude when
compared with that of uncompensated circuits [87].
Single path SC techniques are, however, limited in their maximum
achievable Q by three main factors. Firstly, they have a high capacitance spread.
Since the minimum unit-capacitor is set by technological constraints [4], a high
capacitance spread leads to increased chip area and power consumption [4].
Although the capacitance spread can be reduced by using capacitor divider
networks [38], the resulting circuits are sensitive to the layout parasitics. Secondly,
the dynamic range tends to decrease in proportion to increasing filter Q [73]. For
example, the dynamic range of the high-Q filter given by Song and Gray [39] is
only 46dB. The dynamic range can be improved by increasing the size of the unit
capacitor [20,73], but this will increase the total chip area and will need amplifiers
with large drive capabilities. The third, and the most important constraint, is the
high sensitivity of the filter parameters to component variations. This can only be
overcome by reducing component tolerances, beyond what can be achieved by
current IC processes. For example, the measured results for capacitor accuracies
have shown that they are within 0.1%, provided the capacitor ratios are small and
large unit capacitors are used [88-89]. For high-Q filters both the capacitor ratios
and the total capacitance tend to be large. It has been shown that for UNB filters,
loss sensitivities can be as high as 300% for a 1% change in component values [90].
Due to these limitations, it has been shown that the conventional single-path SC
techniques can only be applied to filters with RBW >1% (Q<100) [91]. Therefore,
alternative architectures with some form of Q-enhancement are needed to obtain
VNB and UNB SC filters using the current IC technologies.
The simplest of these architectures are the N-path filters [92]. An N-path
filter is shown schematically in figure 1.11. It consists of nominally identical low-Q
single-path filters and operates by switching each path filter periodically into the
signal path at a rate of fs= l/T . (Normally these path filter are low pass filters, with
its Q defined as fg/2fpb, where fg is the sampling frequency of the lowpass filter and
fpb is its -3dB frequency.) The Nyquist frequency of each path-filter is then fg/2.

When the output is combined the result is an effective increase in the sampling rate
of the overall system N times, while individual path filters are still sampled at fg.
This has two effects. Firstly, there is an N-fold increase in the Nyquist frequency of
the N-path system to N*fg/2, since the input and the output are now sampled at
N*fg. Secondly, it brings some of the aliases of the single path filter within the
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Nyquist frequency of the N-path filter system. These bandpass ‘aliases’ (of the
single path filter) can now be used for filtering without risking signal corruption.
By selecting a response at a higher frequency, Q enhancement can be achieved
without encountering any of the sensitivity problems of a high-Q single-path filter.
The selection of one of these responses can be made by suppressing the others with
an additional filter. This can be achieved either by a separate SC-FIR filter as
demonstrated by Von Grunigen [93] or can be incorporated as an integral part of the
SC filter as shown by Patangia [94].
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F igu re 1.11 An N-path filter.

Correct operation of N-path filters, however, relies on close matching
between the path filters, as imperfections will result in residual aliases (mirror
components) [90,93]. In addition, the dynamic range of the N-path filters based on
low-pass filters are severely limited by clock-feedthrough [90]. Although the use of
high pass path filters can overcome the latter problem, and therefore increase the
dynamic range, mirror components still remain a limitation [90,93].
Improvements have been made to the N-path filters by pseudo-N-path (PNP)
filtering techniques, first suggested by Fettweis et al. for ‘stop-go’ continuous time
filters [95], and later extended to SC techniques by Ghaderi [90]. Path mismatches
are eliminated by multiplexing components between different paths. In an integrator
the memory-less components (i.e. switches, input-capacitors and the amplifier) can
be multiplexed. In ‘RAM-type’ PNP filters, where one integrating capacitor and N
auxiliary memory capacitors are used, inband clock-feedthrough is a severe
limitation when a low-pass path filter is used [90]. The use of bandpass filters will
reduce this, but the bandpass filter is more complex and requires more components
than a low-pass filter. An implementation of the RAM-type PNP filter that is based
on a low pass path filter was demonstrated by Chaippano, when he produced a
tunable PNP filter that is used to implement a tone receiver for a mobile radio
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system [41]. A minimum RBW of 0.4% has been reported for a centre frequency of
4.38kHz. The dynamic range, though, is only 40dB, showing the limitation imposed
by the clock feedthrough noise.
The ‘Circulating Delay’ type PNP filters can overcome the clock
feedthrough problems associated with the RAM-type filters by circulating charge in
the integrator bank so that each charge packet follows the same path. This results in
a delayed output, that effectively repositions the filter response away from the clock
feedthrough signal. This, however, means that the clock frequency of the filter is
increased and hence requires faster amplifiers [90]. The ‘Hybrid’ PNP integrator
combines some of the properties of the RAM and Circulating Delay-type PNP
filters, but at a higher component cost [96].
Another technique to reduce clock feedthrough noise is to use highpass path
filters in PNP filters [97]. The clock feedthrough noise is then located in the
stopband, but high-Q filters implemented using a highpass core filter face similar
limitations to conventional single-path filters, such as high capacitance spread, low
dynamic range, etc. The dynamic range can be improved by using fully differential
circuit as demonstrated in [98], where a discrete filter with a RBW of 10% and a
dynamic range of over 80dB was reported. Such filters, however, require fully
balanced differential circuitry that increases the overall complexity and chip area.
They are also more prone to mirror components due to mismatch in the balancing
circuits [98].
Recently, a new pseudo-N-path architecture that combines the speed of
RAM and low noise properties of the circulating delay filters, has been proposed
[99]. Structurally, this is very similar to the conventional circulating delay PNP
filter, but the speed of operation is increased by having more than one delay line.
Although this new integrator has a definite speed advantages over the conventional
circulating delay architecture, each charge packet still goes through N charge
transfers. Each charge transfer is associated with a finite loss due to the limited DC
gain of the amplifiers used. Therefore, to reduce the accumulated loss, it requires
amplifiers with much larger DC gain than a single path filter. For this circuit, only
simulation results have been reported and therefore its performance in an integrated
form in not available.
A more recent demonstration of what can be achieved using PNP techniques
is demonstrated by Tan and Inoue [100-101]. They use a fully differential
architecture that has very low sensitivity to component variations to obtain a filter
with a RBW of 0.5% and a dynamic range of 85dB. This was, however, achieved
using very high gain discrete amplifiers, which will be difficult to achieve in a fully
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integrated form.
In spite of the improvements in PNP filter architectures in recent years, their
use for UNB applications is still limited by two factors. Firstly, PNP filters
generally have a poor noise performance when compared to pure N-path filters. For
example, it has been shown that the noise figure in a circulating delay PNP filter is
N times higher than in an equivalent N-path circuit [102]. This is primarily due to
the increased number of charge transfers per cycle. It is expected to be reduced in
the improved circulating delay filters given in reference [99], but no figures are yet
available to support this assumption. Secondly, when compared with single path
filters, PNP filters require amplifiers with much larger DC gain and bandwidth
[47,103]. This is because they require more charge transfers per cycle and the
charge loss in each transfer is accumulated, and so amplitude and phase loss of the
integrator on each cycle must be reduced by a corresponding factor.
Similar to the single path FGI circuits, finite gain insensitive PNP circuits
were developed to reduce the integrator loss [104]. The first FGI-PNP integrators
were proposed by Betts [105] which use the narrow band properties of high-Q
filters. It uses the fact that, when sinusoidal waves are sampled at multiples of the
signal frequency, the output is a repeated sequence. Therefore any particular output
can be predicted from a set of previous outputs. This property is used to predict the
error caused by the finite gain of the amplifier, and compensated for, by subtracting
the error from the signal output. This, however, increases the number of switching
capacitors and hence increases the charge injection noise. Also for a signal with a
wider bandwidth, the predicted errors can be very different from the actual errors.
Recently a Same Sample Correction (SSC) FGI integrator has been
suggested [106-107]. This integrator corrects any loss caused by the finite gain of
the amplifier within one clock period. This is achieved by using an approximate
output, obtained in one half of the clock phase, to calculate an error voltage. The
sampled error voltage is then used to calculate an accurate output in the subsequent
half of the clock phase. These solutions, however, do not solve the limitations
imposed by the increased charge injection noise of PNP filters and therefore this
remains the main limitation to UNB filters that require a high dynamic range.
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Figure 1.12 A Single-Path Frequency Translated filter system.

An a lte rn a tiv e ap p ro ach to the M u lti-P a th tech n iq u e to ach iev e Q
enhancem ent is to use Frequency T ranslation (FT) [108-110]. In a single-path FT
(SPFT) system , band pass anti-alias and anti-im age filters are used to select an alias
of the single-path filter. This is illustrated in figure 1.12. At the front end o f the
filter system is an anti-alias filter (AAF) and at the back end is an anti-im age filter
(A IF), both o f w hich consist o f a continuous tim e low pass filter and an SC
bandpass filter. Together, they select only one ‘alias’ and ‘im age’ of the single path
filter. The higher the selected band, the higher will be the overall Q. A lthough the
SC AA F and A IF are com plex in such a system , the result of the overall system is
more efficient than the conventional system [110]. The level of the selected output
‘im ag e’ o f the single-path filter is, how ever, reduced by the sam ple-and-hold
attenuation. The AIF is therefore used to com pensate for this attenuation. Practical
design o f the A IF can com pensate for attenuation of up to about 30dB, resulting in
a m axim um achievable ‘Q enhancem ent factor’ o f about 28 [109]. Therefore, in an
SPFT system that uses a single path filter w ith a RBW o f 1/Q, the m inim um
effective RBW achievable is about 1/(28*Q) [109].
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Figure 1.13 An N-Path Frequency Translated filter system.

The com plexity of the A A F and AIF and the lim itation o f sam ple-and-hold
attenuation on SPFT system s is reduced w hen N -Path F requency T ran slated
(N PFT) system s shown in figure 1.13 are used [109]. Such system s use an N -Path
filter based on a bandpass path filter, thus elim inating the problem s o f in-band
clock-feedthrough. Frequency Translation is then used for Q -enhancem ent. Since
N -path filters are used instead of single path filters, the sam ple-and-hold attenuation
is reduced by a factor of N. A lthough the N P FT architecture has the g reatest
potential for UNB filters, it has a very high sensitivity of m irror and residual image
com ponents to variations in p ath-filter centre frequencies [104]. T he residual
im ages o f the N -path filter system s are cancelled by exactly m atching both the
phase and amplitude of the separate single path filters [111]. The phase o f a high-Q
filters changes rapidly for sm all deviations o f the centre frequency (fg). This is
because m ost of the phase change caused by the poles of the filter occurs w ithin the
passband of the filter. Since the passbands o f high-Q filters are very sm all, it leads
to a large sensitivity of phase variation to changes in f^. Therefore, when one o f the
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single path filters has an fo shift, the phase of that filter that corresponds to the fo of
other filters is very different. This results in a partial cancellation of the image. This
has been verified by statistical m eans [104], and will be discussed in m ore detail in
Chapter 2. As an exam ple, it has been shown that for a 3-path FT system based on a
6th order bandpass elliptical filter with RBW o f 1%, a 0.1% variation o f the centre
frequencies causes a residual image rejection of only -5.3dB. This will put severe
constraints on the design o f the A A F and AIF, since the m irror and the residual
im age com ponents will now have to be rejected by the A A F and AIF. This, in
practice, lim its their usefulness in UNB filters.
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F ig u re 1.14 An N*M -path Frequency Translated filter.

To overcom e the disadvantages of the N PFT system s, the N *M -Path FT
filters has recently been suggested [104]. This is show n in figure 1.14. T his
approach, w hile m aintaining the advantages o f the N PFT system , overcom es its
lim itations by using PN P filters as path-filters. The system thus offers a good m irror
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and residual image suppression, since the centre frequency of PN P filters has very
low sensitivity to com ponent variations. It has also been shown that, in spite o f the
reputation o f PN P filters for high levels o f noise, the use o f PN P sub-filters in
N *M -path architecture does not degrade the noise perform ance of the overall
system when com pared with the N PFT architecture [104]. This is because UNB
filters im plem ented using N*M -path architecture uses a sim pler lowpass single-path
filter with m uch low er noise properties, w hereas that o f N PFT system uses m ore
com plex bandpass filters with a high noise property. T he accuracy of transfer
function of such system s, how ever, is lim ited by the finite gain of the am plifiers
used in the PN P sub-filters. The use of m ore com plex FG I-PN P techniques can
overcom e this lim itation.
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F ig u re 1.15 Switched Capacitor techniques for monolithic filter implementation.

F igure 1.15 highlights the inter-relationships that exist betw een the SC
tec h n iq u es d escrib ed in this ch ap ter. It show s the ev o lu tio n o f N *M -path
architecture. A m ong the SC architectures discussed, the N *M -path architecture has
the greatest potential to produce UNB filters and this has been dem onstrated using
high level sim ulations [104]. There are, how ever, several aspects of the N *M -path
architecture that have not been addressed in the past. For exam ple,
•

no inform ation is available to determ ine the size, pow er consum ption or
the dynam ic range of such UNB filters;

•

no structured approach to design and im plem ent UNB filters using this
architecture has been proposed;

•

no m ethod has been proposed to optim ise the UNB filter by selecting the
best N and M;

•

only sim ulation results are available and there are no m easured results to
verify that the architecture will w ork as predicted by the sim ulations;
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•

few simulation results are available that quantifies the effects of non
ideal components on the performance of a UNB filter system.

The purpose of this research is to address these issues and find solutions to them.

1.4 OUTLINE OF RESEARCH PROGRAMME
The prime objectives of this research can be summarised as :
a) Design and implement an N*M-path filter using monolithic IC
technology, and use the measurement to verify the predictions made
for N*M-path filters.
b) To explore the architecture and obtain measured results for various
combinations of N and M with the aim of identifying an optimum
design and a structured approach.
c) Modify or develop new architectures to simplify the design and
hence increase their performance.
d) Based on the above objectives, develop a design methodology
which can be used to implement UNB filters from a specification
using either N*M-path architecture or any new architectures that can
be developed.
The N*M-path architecture is too complex to obtain closed form analytical
expressions for its properties. Similarly, simulations to obtain the non-ideal effects
using a transistor level extraction takes too much time. We have overcome these
limitations by breaking down the architecture into constituent blocks and fully
characterising each block with analysis, simulation and hardware implementation.
These characterised blocks can be used to build the N*M-path architecture using
PCB techniques. Using this approach, different types of N*M-path filters can be
implemented and their performance compared, and from the comparative
measurements, an optimum architecture can be proposed. The experience gained
from the implementations can be drawn to obtain a logical design methodology to
implement UNB filters from a high level specification such as a mask definition.
This approach will be described in detail in the rest of the thesis and draws
conclusions from the experience gained.

1.6 ORGANISATION OF THE THESIS
This introductory chapter presents the background material and reviews past work
that is relevant to this thesis. Chapter 2 describes the characteristics of the N*M-
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path filters and a design methodology is presented that enables a user to design an
Ultra-Narrow-Band filter at an architectural level, starting from a high level
specification. Graphs, flow charts and equations are given that lead the designer to
break down the UNB system into component blocks, which can then be designed
using standard SC techniques. Chapter 3 gives an architectural design of a specific
UNB filter using the methodology given in chapter two, and gives a complete
design example of a path filter that can be used for this UNB filter. A design
strategy is given for the implementation and verification of the layout using the
tools available. Using them, the design and simulation using SWITCAP and
HSPICE of a third order SC elliptical filter is presented. The steps and precautions
taken in the layout using CADENCE design tools are also presented. Following a
hierarchical implementation approach, the design of five ICs with a total area of
approximately 60 mm^ is described. The ICs are fabricated using the MIETEC 2.4
p,m CMOS process. Chapter 4 gives the measured results for all the fabricated ICs.
All deviations from the simulated results are explained and methods are proposed
that will overcome these deviations in future implementations. In Chapter 5 some
novel architectural developments are presented. A new integrator is described that
is comparable in performance to a previously published Betts-90 integrator [105],
but can be implemented using fewer components. The chapter also describes a
related development, which enables the design of a filter with a continuously
programmable Q and centre frequency. This method can be applied to UNB filter to
obtain tunable high-Q filters. Finally, chapter 6 draws conclusions from the work
presented in this thesis, and makes suggestions for future research work.

1.7 ORIGINAL CONTRIBUTIONS
The following are the most significant results of the research presented in this thesis
and are, to the best our knowledge, original work. The results that have been
published to date are also included as a publications list.
In chapter 2: for the first time, a design methodology is presented that will
allow the systematic design of an N*M-path filter from a high level specification.
The procedure breaks down the complex design into sub-blocks, all of which can be
implemented using standard SC techniques.
In chapter 3: the design methodology given in the previous chapter is used
to design and implement an UNB filter system. To our knowledge, this is the first
time such a complete design has been attempted. This work was initially presented
as a contribution to an lE E colloquium(^®® publication 1) since then, new results have
been presented at a special session at ISCAS-92 conference as an invited paper(^).
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In chapter 4: for the first time measured results for SSC-FGI PNP filters are
presented, which shows that these architectures are severely limted by clock
feedthrough. Clock feedthrough is these circuits is therefore analysed and for the
first time, a new circuit is proposed that will substantially reduce the clock
feedthrough in PNP circuits. The measured results were presented at IS CAS-94
conf.(^).
In chapter 5: novel architectural developments are presented. A new
integrator is presented that is comparable to the previously published SSC-FGI
integrator, but can be implemented using simpler hardware. For the first time,
measured results are presented for the new circuit. In addition, new comparative
results on the performance of this integrator are also presented. This work was
initially published in Electronics Letters^^) and later extended and presented at
ECCTD-91 conf.(^). A novel SC circuit architecture is also presented in this chapter
that can be used for wide-range and continuous tuning of any circuit parameter that
is determined by a capacitor ratio. New measured results for this architecture are
also presented. This work was also presented at ISC AS-94 conference(^).
In appendix A: for the first time, novel simple formulae are presented to
calculate the mirror and residual image strengths for multi-path filters for statistical
variations of high-level parameters of the path filters.

1.7.1 Publications List
1 Shafeeu H, Betts A K, Taylor J T, “Approaches to Ultra-Narrow-Band
Analogue IC Filter Design using Switched Capacitors”, lEE Colloquium on
Advances in Analogue VLSI, 14th May 1991
2 Shafeeu H, Betts A K, Taylor J T, “Implementation Issues for Ultra-NarrowBand SC Filters”, Proceedings o f the International Symposium on Circuits and
Systems (ISCAS), pp.2304-2307. May 1992
3 Shafeeu H, Betts A K, Taylor J T, “Implementation of a Very Narrow Band
Finite Gain Insensitive Pseudo-N-Path Filter”, Proceedings o f ISCAS-94,
pp.5.581-5.583, Jun 1994
4

Shafeeu H, Betts A K, Taylor J T, “Novel Amplifier Gain Insensitive SwitchedCapacitor Integrators with Same Sample Correction Properties”, Electronics
Letters, Vol.27, No.24, pp.2277-2230, 21st November 1991

5 Betts A K, Shafeeu H, Taylor J T, "Same Sample Correction of Amplifier Gain
Effects in SC Circuits", Proceedings o f the European Conference on Circuit
Theory and Design (ECCTD), V-1, pp. 197-202, Sep 1991
6 Shafeeu H, Betts A K, Taylor J T, “An Improved Tuning Technique for
Switched Capacitor Filters”, Proceedings ISCAS, pp.5.633-5.637, Jun 1994.
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List of symbols and acronyms
error vector corresponding to the i * path
length o f the error vector corresponding to the i^b path
a

amplitude o f the actual alias response

a'

amplitude o f the ideal alias response

Ar

fractional increase in area due to routing

« sh

sample-and-hold attenuation

bo

the principal band

bo,min

minimum principal band

AA

error in amplitude o f the mirror response

Dd
O'

desired dynamic range
phase o f the ideal alias response
phase o f the actual alias response

fl

optimum bandpass frequency at baseband

fAx

stopband frequency o f the continuous-time A A F filter

fi

im age frequency

fo

centre frequency o f U N B filter

fop,pnp

operating frequency o f the PNP filter

fpb

pass bandwidth

fpb.d

desired pass bandwidth

fpb.sp

-3dB pass bandwidth o f the single-path filter

fr

reflection frequency for the alias or im age

fs

sampling frequency o f the path filter

fs,N *M

sampling frequency o f the N *M filter

fs.sp

sampling frequency o f the single-path filter

fs,U N B

sampling frequency o f the U N B filter

fsb

stop bandwidth

fsb,d

desired stop bandwidth

fsb.sp

stop bandwidth o f the single-path filter

Tlaaf

noise voltage o f the SC anti-aliasing filters

T|cb

noise voltage o f the additional switched memory capacitor

Tlsp
TISW

noise voltage o f the SC core filter
noise voltage for additional switches

nUNB

noise voltage o f the U N B filter

K

Q-enhancement factor

Kimp

implemented Q-enhancement factor

L

decimating and interpolating factor

Lmin

minimum decimating and interpolating factor

Mpnp

the number o f pseudo-path in the PNP path filter

^ (0=(0,

the mirror response evaluated at (Oi and expressed as a
vector

N

number o f paths

Np

the number o f path in the U N B filter

Np,est

estimated number o f paths

Nreal

the number o f real paths in the N*M-path implementation
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PNB

Pseudo-Nyquist Band

Qd

desired Q
Relative Bandwidth o f A A F or AIF

Saaf

size o f the anti-aliasing and anti-imaging filters

Sclk

size o f the clock generator

Ssb

total area o f all the sub-blocks

SUN B

total area o f all the U N B filter

Ga
<^cj
(To
^fo

standard deviation o f the error in amplitude

standard deviation o f the centre frequency

(^mirror

standard deviation o f the mirror (mirror strength)

^Pg
GREW
Ge

standard deviation o f the peak gain in amplitude
standard deviation o f the relative bandwidth

V;

ideal alias response for the i^^ path filter at a given frequency
represented as a vector

standard deviation o f the clock jitter
standard deviation o f the error in phase

standard deviation o f the length o f the error vector,

actual alias response for the i^^ path filter at a given
frequency represented as a vector

S(Sci)
^s,d

total area o f the integrating capacitors
the desired selectivity

£.
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2.1 INTRODUCTION
This chapter gives the characteristics and properties of UNB filters implemented
using the N*M-path Frequency Translated (N*MPFT) architecture. It also gives a
methodology for the design of UNB filters using this architecture. Since most of the
properties of N*MPFT filters (such as Q-enhancement, the AAF and the AIF
requirements) are similar to those of the N-path FT (NPFT) filters, the properties
and characteristics of the NP FT filters are described first. Therefore, in the first
part of this chapter, a mathematical model for N-path filters is reviewed and a
physical description of the working of N-path filters is given with the aim of
understanding the effects of the non-ideal aspects of its characteristics. Where the
properties and characteristics of NPFT filters differ from N*MPFT filters, they are
highlighted and explained in this section. In the second part, the design equations
for N*MPFT filters are given. These are then used to give a methodology that can
be used to design UNB filters from a high level specification. This methodology
gives an architectural design that is technology independent. It is put forward as the
first step in a process that may eventually lead to the complete automation of the
design process for UNB filters that are implemented using this architecture. The
starting point of this methodology is intended to be from a high-level specification
such as a mask definition. The chapter is concluded with several design examples,
which will assist to understand the methodology.

2.2 N-PATH FREQUENCY TRANSLATED FILTERS
This section describes the characteristics and properties of NPFT filters with the
aim of explaining the operation of N*MPFT filters. As shown in Chapter 1, both
the N*MPFT and NPFT filters use FT techniques to achieve Q-enhancement, and to
overcome the limitation of single-path filters, they use multi-path techniques. The
use of the FT technique to achieve Q-enhancement is first described using the
example of a single-path filter. The modifications required for the system when
multi-path filters are used is also explained. As shown in figure 1.13, partially
cancelled aliases of the multi-path filter lead to mirror responses, and similarly,
partially cancelled images lead to residual image responses. It turns out that the
biggest disadvantage in the use of multi-path filters is the effect of its mirror and
residual image components on the filter-system sub-blocks. Therefore, the
operation of NP filters is described which explains the creation of these mirrors and
residual images. The operation is described by using a conventional mathematical
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m odel as the basis and a tim e-dom ain physical description is used to gain m ore
insight into its operation. This description is then used to explain the effect o f the
non-idealities on the m irror com ponents of N-path filters.
A description of the alias and the im age response of a single-path filter will
be useful when describing the operation of N-path filters.
A lias: W hen a signal with frequency f] is sam pled at frequency fg, it will
produce sam ples that are identical to those produced by sam pling o f any o f the
frequencies kfg ± fi, where k is an integer. If the sam ples are used as the input to a
filter, it cannot distinguish between signal com ponents at these frequencies and will
therefore produce identical responses for each of these frequencies. T hese higher
input frequencies are called aliases of f].
Im ase: If the filtered output has a signal with frequency fi and is sam pled at
fg, then the samples produced will be identical to those obtained for sam pling output
frequencies kfg±f ;. The output therefore appears to contain signal com ponents at
frequencies kfg±f ;. The responses above f] are referred to as the im age frequencies
o f f ] . The aliases and images are therefore com plem entary responses, but only the
images are affected by sam ple-and-hold attenuation. This is illustrated in figure 2.1.
Single-path Filter
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Figure 2.1: A liases and Images of a single-path filter

In an N -path filter, several single-path filters are used in parallel and the
inputs and outputs of each path-filter are interleaved. This effectively increases the
sam pling frequency o f the overall filter N -tim es and therefore the first alias or
image for a signal with frequency fi is located at Nfg-f;. This is illustrated in figure
2.2. As shown, the N yquist frequency is N*fg/2, and therefore the use of any o f the
bandpass responses up to N*fg/2 for filtering will not cause alias distortion. M ore
generally, aliasing will not occur providing all signals outside the band o f interest
are elim inated. The responses show n in outline are bandpass responses that
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represent aliases o f the path filter, but, for the N -path filter, the signals at these
bands will not cause aliasing distortions. H ow ever, they indicate the potential
position o f the m irror com ponent when the path filters are not ideal. W e will com e
back to th is point w hen explaining the technique of Q -enhancem ent that is
described in section 2.2.2.
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Figure 2.2: A liases of an N-path filter

2.2.1 Nyquist bands for N-path filters
In the description o f N -path filters, it is useful to divide the frequency
spectrum into several frequency bands. Each band will occupy a bandw idth o f fs/2,
w here fg is the sam pling frequency of the path filters. This is illustrated figure 2.3.
T hese bands will be referred to as the N yquist bands o f the filter, with the N yquist
band 1 being the baseband of the path filter. In an N -path filter, the input sam pling
frequency is Nfg and therefore its baseband will occupy N N yquist bands.
-2
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-h

-1
-f s /2

Figure 2.3: N yquist bands in an N-path filter system
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2.2.2 Q enhancem ent with frequency translation
This section explains the technique o f frequency translation (FT) and how it can be
used to obtain Q enhancem ent in SC filters. The Q -enhancem ent will be explained
using a single-path SC filter, but can also be applied to m ulti-path filters.
SC filters are a class of sam pled data system s and therefore have alias and
im age responses around m ultiples o f the sam pling frequency as shown in figure 2.1.
(For m ulti-path filters, they are located around the effective sam pling frequency as
show n in figure 2.2.) To avoid aliasing distortion, these aliases and im ages m ust be
elim inated. In conventional SC filters, they are rem oved using continuous tim e anti
aliasing and anti-im aging filters (A A F and AIF). H ow ever, it can be show n that all
the inform ation that is contained up to the N yquist Frequency of the single-path
filter is also contained in the alias or the image bands [110]. Hence, any signal that
is processed at the baseband also gets processed at other N yquist bands. Therefore,
if one of the alias and the image response is selected and all the other aliases and
im ages are suppressed, the tim e dom ain behaviour o f the filter is sim ilar to a
conventional one w here the baseband is selected [110]. H ow ever, the selected
bandpass response is located at a higher frequency and therefore they have an
increased Q w hen com pared to the bandpass response at the baseband. This
technique is called Frequency Translation (FT) [110] and is illustrated in figure 2.4
for a Single-path Frequency Translated (SPFT) filter system .
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Figure 2.4; Q-enhancement using Singe-Path Frequency Translation filters.

The single-path SC filter, which will be called the base filter, has a bandpass
frequency response with its centre frequency at fp The sam pling action produces
several aliases and im ages as show n in figure 2.4. To im plem ent a high-Q filter
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with its centre frequency at fg, only the alias and image located at fg is selected by
the AAF and AIF. The AAF consists of a continuous time lowpass filter and a
decimating filter (usually implemented as an SC FIR filter). The continuous time
filter provides the attenuation required for the aliases above half the input sampling
frequency, L*fs. Usually, the continuous time filter have a low order and therefore a
low selectivity and hence the selected decimating factor, L, must be large. The
response of the AAF filter together with that of the SC filter effectively selects only
one of the aliases of the base filter.
The signal is now processed at the baseband by the SC base filter. The
output samples contain several image responses and therefore an AIF is used to
eliminate all image responses except that with the centre frequency,

fg .

The AIF

consists of an interpolating filter (usually implemented as an HR SC filter) and a
continuous time lowpass filter. As for the AAF, the continuous time filter of the
AIF removes images up to the Nyquist Frequency, and therefore its order can be
reduced by increasing the interpolating factor. In most applications, the input and
the output sampling frequencies are the same and therefore the decimating factor is
same as the interpolating factor. Since the selected bandpass response is located at a
higher frequency

fg ,

even though it is actually processed around fi, the system has a

Q enhancement equal to

fg /fi

[110].

The output of the AIF, however, suffers from sample-and-hold attenuation,
(ttsh), due to the sampling action of the AIF. Therefore, the AIF is designed to
compensate for this attenuation by introducing a gain element. It has been shown
that the practical design of the AIF filter, due to signal-to-noise limitations, can
compensate for ash of up to -30dB [110]. Therefore the Nyquist band selected
should have an ash no more than -30dB, and it turns out that the maximum Qenhancement that can be achieved for this system is approximately 28 [110].
Now, it is known that multi-path filters (such as N-path, PNP or N*M-path
filters) can achieve Q-enhancement without using the FT techniques described
above [90,92,117]. Hence, it is possible to obtain further Q-enhancement when a
multi-path filter is used as the base filter in figure 2.4. This is because the effective
sampling frequency of the multi-path filter is higher than that of a single-path filter
and therefore its alias responses suffer less sample-and-hold attention. Hence it is
possible to select a frequency response at a much higher Nyquist band and achieve
an increased Q-enhancement. Such systems have been demonstrated using N-path
FT filters in reference [108] and N*M-path filters in reference [117].
As discussed above, the AAF and the AIF are used to eliminate all the alias
and image responses of the FT system except for the selected response. If this
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selected response is at a higher frequency, then the selectivity o f the A A F and the
AIF is also increased. H ow ever, when m ulti-path filters are used, this selectivity is
also reduced because some o f the aliases and the im ages are elim inated by a process
called out-phasing [3,108]. If these aliases and im ages are not fully elim inated, then
m irror and residual im age com ponents are created. This is illustrated in figure 2.5
for a 3-path filter. The selected frequency response has a centre frequency f^, and
its alias and im age responses are located around the m ultiples of the effective input
sam pling frequency, 3fg. In the exam ple, they are show n for 3kf§ and 3 (k -l)fs,
w here k is an integer. W hen non-ideal com ponents are used, m irror and residual
image com ponents are located at other N yquist bands as shown in the figure 2.5.
Input frequency spectrum for an ideal 3-path filter
alias re sp o n se
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alias response
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Input frequency spectrum for a non-ideal 3-path filter
A
i L

m irro r
responses

rcsponsc.s
A A F

A A F
—

n -f\- l \
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Output frequency spectrum for a non-ideal 3-path filter
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4
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Figure 2.5: Incomplete cancellation of aliases and images produce mirrors and residual images.

The m irror and the residual im age com ponents m ust be suppressed to an
acceptable level by the AA F and the AIF. This w ill increase their selectivity as
illustrated in the figure 2.5, where the frequency spectra for the non-ideal 3-path
filter shows that there are additional bands that m ust be suppressed by the A A F and
the AIF. This can negate any advantages offered by the m ulti-path filters. H ence, it
is extrem ely im portant that the m irror com ponents are reduced by the m ove to a
m ulti-path filter. Therefore in the follow ing sections, the process o f out-phasing is
described using an N-path filter as an exam ple. This explanation is then extended to
the N *M -path filters, and reasons are given for choosing N *M -path architecture in
our m ethodology to im plem ent UNB filters.
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2.2.3 M athem atical m odel for N-path FT filters
The purpose of this section is to describe a mathematical model for N-path filters.
This model is used to describe the process of out-phasing in N-path filters that is
given in 2.2.4, and to explain the effects of non-idealities of multi-path filters on the
mirror and the residual image components.
Mathematical descriptions of N-path (NP) filters have been extensively
studied and documented in the past. [9,90,104]. Similar descriptions for N-path
Frequency Translated (NPFT) filters, which result from the combination of N-path
and Frequency Translation techniques, has also been studied [3,104,108]. Given
below is a brief mathematical description of NP filters that follows from this
literature.
The time-domain representation of an N-path filter is given in figure 2.6,
where u(t) is the sampling function with a period of T/N, where T is the sampling
period for each path filter and N is the number of paths.
u(t)

MO

x(t)
ZOH
u(t-nT/N)

y(0

zero-order
hold

accumulator
samplers

path filters

F igu re 2.6: N-path filter in time domain

It can be shown that the frequency response of the ideal N-path filter
(including the sample-and-hold attenuation) is [3,104]:
=

t^{2K f-2nm N /T )^

-j2 n m n /N

(2 . 1)

n=0

where Ho(f) is the frequency response of the path filters and X(f) is the Fourier
Transform of the input x(t). It can also be shown that:
N

^^-j2nm niN _ j for ^ = kJSf, where A:is an integer
= 0 otherwise

(2 .2)
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Therefore, from (2.1), an output is obtained only for m=kN. This shows that
images (and aliases) are produced only around Nf§ and have a bandwidth of fs/2.
However, if the path filters are non-identical, then the cancellation represented by
(2.2) is no longer exact and a more general expression must be used, i.e.:
=

« /r/jv

y

F À Ù e - j ^ ^ ' ^ X ( 2 K f - 2 T w i N IT)
T
^
^

(2.3)

The expression has the advantage of generality and predicts the residual
image (or mirror) components when the transfer function of each path filter is
given. However, in a multi-path filter system, an expression for the full frequency
response of each filter cannot be usually obtained. It may, however, be possible to
obtain the statistical variation of the high level parameters, such as those given in
figure 1.1. Equation 2.3 can be used to obtain the effect of these high level
parameter variations on the residual images (or alternatively mirrors) as shown by
the statistical analysis given in [104]. However, this relationship can also be
obtained using a time-domain analysis. This analysis has also helped to gain more
insight into the creation of mirror and residual image components and therefore can
assist in developing methods to reduce them. This time-domain analysis is therefore
explained in the following sections. To avoid confusion between the mirrors and
residual images, only the elimination of aliases is discussed. However, the
explanation can also be applied to describing the elimination of images.

2.2.4 Elimination of m irror co m p o n en ts in NP fi iters by o u t-phasing
This section describes the elimination of some aliases of single-path filters using Npath filters by the process of out-phasing. When non-ideal components are used,
these aliases cannot be fully eliminated, which results in mirror components as
illustrated in figure 2.5. The explanation will be used in Appendix A to describe the
effect of variations in high level parameters on the mirror components.
The operation of N-path filters and its alias cancellation will be described
using a 4-path filter as an example, with an input frequency,

(fo ),

that is sampled at

4fg. Figure 2.7 shows the 4-path filter, its time-domain input samples and its zdomain frequency plot. As a comparison, similar representations for a single-path
filter are also given.
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4-path filter

h,(t)
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single-path filter
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(a)

(b)

sam ples f o r 4-path filte r
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T/4

T=l/fs

(c)

(d)

Z-plane representation
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3fs
3 fs-fo

— ► alias o f 4-path filter
3 fs-t-fo

j

fs-fo

— ► alias of path-fiIters

Figure 2.7: 4-path filter compared with a single-path filter

As seen from the figure, the input for the single path filter is sam pled at f§,
whereas the 4-path filter is sampled at 4f§. How ever, the samples are interleaved (as
shown in figures 2.7c) so that each path filter in the 4-path filter gets sam pled at fg.
Therefore the frequency response o f the individual path filter is identical to that of
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the single path filter. Figures 2,7e shows the z-domain pole-zero plots of the 4-path
filter. Figure 2.7f shows the z-domain plot for the single path filter. Here it is
assumed that the path filters are second order bandpass filters with the centre
frequency at fg/4. As shown in figures 2.7e and 2.7f, the signal that is positioned at
fo also appears as alias frequencies around multiples of the sampling frequency.
When ideal path filters are used, the alias response of each path filter has identical
amplitude and phase. However, the samples for individual paths are delayed by T/4,
which therefore represents an additional phase shift that is different for each path
filter. This is illustrated in figure 2.8 for the first alias frequency at
fo -fs

using a time-domain simulation, which shows the input samples for each path

filter.
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Figure 2.8: The input signals of the individual paths in a 4-path filter: (~) main signal at fg
( ) first alias at fg-fg

In this example, the input frequency f g is lOOHz, f g is IkHz and the therefore
the first alias is 900Hz. The four plots in figure 2.8 show the input samples of the
corresponding main signal at f g and the first alias signal at

fg -fg

for each path filter.

As shown, both the main signal and the alias signal have identical sample points for
each path filter. It can be seen from the plots that the amplitudes of all the alias
signals are identical for all paths, but the phases are different. In this example, they
differ by 7u/2. Therefore, when the inputs of the four path filters are combined, the
period between the samples becomes 0.25ms (4kHz) and the signal at 900Hz

58
(which represents the first alias at fs-fo), is cancelled. Similar cancellation is
observed for all alias signals except those around 4kfs (each with a bandwidth f§),
where k is an integer.
It can be shown that the phase of the alias responses rotates through
multiples of 2n/N for alias responses around multiples of the path filter sampling
frequency fg, where N is the number of paths [111]. Figure 2.9 gives the phase
information of the main response (up to fs/2) and its aliases for the example 4-path
filter up to 4fg.
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Figure 2.9: The phase responses of the individual paths in a 4-path filter

From the explanation given above, it can be seen that signals at all
frequencies, except those around 4kfg±fo (with a bandwidth of fg), are cancelled (k
is an integer). This is equivalent to a filter with a sampling frequency of 4f§ and
therefore any response up to 2fg can be used without encountering the alias
distortions. From the pole-zero plot, it can be seen that there are four bandpass
responses, each of which can be used for narrow band filtering. However, non
idealities in the path filters lead to incomplete cancellation of aliases, leading to
mirror components. As explained in section 2.2.2, these mirrors have to be reduced
to acceptable levels using the AAF. This will increase the selectivity and
complexity of this sub-filter.
Now, the alias responses at a given frequency (e.g. fg-fo in figure 2.8) for
each path filter can be expressed as vectors with the appropriate phase shifts and
summed to give the mirror response. For the 4-path filter it shown in figure 2.10
with VJ..V4 corresponding to the alias responses for each path filter. They are
shown for aliases around kfg for k=1..3 , which corresponds to the first six aliases of
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fo- For this thesis, this graphical interpretation will be referred to as Mirror Plots.
From the figure, it can be seen that there is complete cancellation for ideal path
filters for all these mirrors.
M irror Plots
(k = l; aliases 1&2)

(k=2; aliases 3&4)

(k=3; aliases 5& 6)

V2
i

V3

V

VI
V4

^

VI

V2

V3

V4

F igu re 2.10: Mirror components are the vector sum o f the individual alias components.

This graphical interpretation can be expressed mathematically as:
M
(2.4)
^ i=]

where M gives the mirror component at coi expressed as a vector, V, is the ideal
frequency (including the alias) response at Cdi with the appropriate phase shift and
expressed as a vector for the i^h path, k is the closest integer value of the ratio
(coi/cOs)» T is the sampling period, N is the number of paths and H(z) is the ideal
frequency response of the path filters. (The factor 1/N appears in the equation
because the output of each path is switched for l/N^^ of the total period.) From
(2.4), it can be seen that if k is an integer multiple of N, then the phase of all alias
responses is a multiple of 2n. This is the condition where the response obtained
corresponds to a true alias of the NP filter. Mirror responses are therefore obtained
for all values of k that are not integer multiples of N.
Now, it is known that any non-ideality in the path filters will cause changes
in the transfer function (and therefore in the corresponding amplitude and phase
responses of individual aliases). This leads to incomplete cancellation of the mirror

60
responses of individual aliases). This leads to incomplete cancellation of the mirror
components and (2.4) is no longer valid. Therefore, for non ideal path filters, the
mirror component can be obtained from:
1

M actual =tO, = — T v ?
1=1

(2.5)
^ i= \

f=l

where V? is the actual frequency (including the alias) response at coi with the
appropriate phase shift and expressed as a vector, Hf ( z) is the actual frequency
response, AAj- is the amplitude error and

is the phase error of the i^h path-filter.

Equation 2.5 can be used to calculate the mirror components in the presence of nonideal effects. As shown, the mirror component for any frequency is the vector sum
of the perturbed aliases, and it can also be shown that (2.5) can be expressed as a
sum of the vector differences or the error vectors:

M actual
( 2 .6 )

4 P '
where e, is the error vector corresponding to the i^^ path. This is shown in figure
2.11 for the 4-path filter given in figure 2.7 k=l.

V2
VI
(error vector lengths are
magnified for clarity)

V3

El
V4

(a)

mirror

mirror

(b)

Figure 2.11: Mirror plots; (a) as the sum o f perturbed aliases; (b) as the sum o f error vectors.
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^mirror
1 N
N I1=1: ,
where

(2.7)

gives the strength of the mirror at coi.
Now, it is possible to find the effects of the statistical variations of high-

level parameters of the filter (as given in figure 1.1) in the s-domain on the
statistical deviations of the frequency response in the z-domain. This can be used
with (2.5) and (2.6) to calculate the statistical variation of the error vector, e,, for
each path filter. Equation (2.7) can then be used to calculate the expected mirror
strength as the mean value of the magnitude of the mirror vectors for several
statistical samples. This computation can be done either by using numerical or
statistical techniques. Numerical calculations are computationally intensive and do
not give insight into the operation. Statistical calculations are mathematically
intensive, but general trends on the mirror strength due to statistical high-level
parameter variations can be drawn from them. Therefore, Appendix A shows the
statistical calculations, and simple equations are obtained which predict the mirror
strength for statistical variation of high-level parameters. These results are verified
by comparing them with those obtained using numerical techniques by Betts in
[104].
All the results obtained from this statistical analysis are consistent with those
reported in [104], and the parameter that the circuit is most sensitive to is verified as
the centre frequency. Therefore, the centre frequency of the path filters used in the
multi-path techniques must be very stable. This requirement implies that the centre
frequency must be directly linked to a crystal clock, since it is well known that such
clocks have excellent stability. As discussed in chapter 1, earlier work using purely
numerical techniques [104], also led to similar conclusions, which resulted in the
proposal of the N*M-path filters. The qualitative explanation and formulae
presented in this chapter lend valuable support to the conclusions for this earlier
work, and justify further exploration of the N*M-path filter structure, which will
now be described in more detail.
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2.3 DESCRIPTION OF THE N*M-PATH FILTERS
T his section gives a description o f the N *M -path filters and gives the design
equations that will be used as a basis for the m ethodology to be described in section
2.4. The equations are closely based on those developed by Betts for N -path filters
in [104], but m o d ified for the N * M -p ath im p lem en tatio n . V ariab les and
term inology introduced in [104] that is used in this thesis in the description o f the
m ethodology is reproduced, and w here necessary, m odified for the N *M -path
im plem entation.

2.3.1 N*M-path filter
As explained in C hapter 1, the N *M -path filters are based on the N -path structure,
except that the path filters are pseudo-M -path filters (M used to distinguish from the
real paths, N). The PM P filters are based on a lowpass prototype so that a bandpass
response is located at a fraction o f the sam pling frequency. Figure 2.17 shows the
structure o f the N *M -path filter, and gives the aliases for M=3.
N*M -Path Filter
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' I'

fs/3

i m

fs

^

4fs/3

S a m p lin g Ire g u e n c y » t e a c h p a th filte r

1

fl

:

n

1 ; 1

■I ‘

^

N *fs/2

N y q u ist fre q u e n c y

N f (N + l/3 )fs f
(N -l/3 )fs Nfs

t

E ffe c tiv e s a m p lin g fre q u e n c y

Figure 2.17: The N*M -path filter structure and the aliases for M=3

T he input frequency spectrum of the N *M -path filter is sim ilar to that o f the
N -path filter except that there is a lowpass response and there can be more than one
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bandpass response within the baseband of the filter. Hence one of these bands is
selected while the others (including the lowpass response) are suppressed by using
additional FIR filters. As seen in the analysis of the N-path filters in 2.2, it was
useful to divide the frequency spectrum into Nyquist bands with bandwidth fs/2.
However, for N*M-path filters, it is more useful to divide the frequency spectrum
into pseudo-Nyquist bands (PNB) with bandwidth fg/2M, where M is the number of
pseudo-paths in the path filter. Therefore, the baseband of the path filter will
occupy M PNBs. The PNBs are illustrated in figure 2.18 below.

-1
-fsM

-fs/2M

Q

fs/2M

fs/M

Figure 2.18: Pseudo-Nyquist bands in an N*M-path filter

As seen from the frequency responses, each bandpass response straddles two
PNBs. When an N*M-path architecture is used for UNB filters, frequency
translation is used to select a bandpass response at a higher frequency. Therefore, to
identify the selected frequency response, it can be referred to by the two PNBs.
However, for convenience, the selected response will be referred to only by the
lowest of the PNBs, which is always an even number, and this will be defined as
the principal band,

b g.

Therefore

b g

and

b g + 1

are the two PNBs for which the

associated AAF and AIF are designed to give the main response of the UNB filter
(i.e. the bands where the centre frequency of the UNB filter is located). The design
equations that will be used for the design of UNB filters will now be explained.

2.3.2 D esign eq u atio n s
This section gives the basic equation that will be used in the methodology for the
design and implementation of UNB filters. It closely follows those given in [104]
for the description of N-path filters, but is modified for the N*M-path
implementation. For this thesis, the following symbols will be used:
Np

the number of effective paths in the N*M-path filter;

Nreal

the number of real paths in the N*M-path implementation;

Mpnp

the number of pseudo-path in the PNP path filter

The effective number of path (Np) for the N*M-path implementation is given by:
^p = ^re a l^p n p

(2-15)
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Figure 2.19 shows the frequency spectrum o f the N *M -path filter and highlights
some o f the terms that will be explained in the following text.

Input frequency specturm o f the N*M -path filter
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F ig u re 2.19: Frequency spectrum of an N*M -path filter

N ow , it has been show n in [104] that for an N PFT filter, the separation
betw een the m ain response (in bo) and the nearest alias is m axim ised if bo is given
by:
bo = /?] + iN,

(2.16)

where i is an integer. For the N *M -path im plem entation, bo is the first of the two
PNBs and b | is a PNB in the baseband o f the corresponding PN P path filter such
that:

r ^ w+ 2^

b\ = 2 int — ------

(2 1 7 )

where int(%) is the integer truncated value o f x. Therefore, the selected response in
the baseband o f the N *M -path filter is located in the PN Bs b] and bi + 1. Further
analysis for the N *M -path im plem entation shows that the separation of the centre
frequency o f the passband and the nearest alias is given by:

A/ =

A f = 2 int

A
M ,pnp

N^ +2

; for odd N

‘
(2.18)

f .^

; for even N .

/ ^pnp

From (2.18) it is seen that for m axim um separation, Np has to be a m ultiple o f 4.
This will put severe constraints on the num ber o f paths that can be im plem ented.
Further analysis show s that the separation is greater for the even num ber of Np
w hen c o m p ared to the odd num bers o f Np, and th erefo re, for this design
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methodology, Np will be limited to even numbers. Now, for bo, the passband centre
frequency, fo, is given by:
r

(2.19)

fo = fs

As seen from figure 2.19, the first bandpass response is located at fs/Mpnp, and
therefore the Q-enhancement factor, (K), can be calculated as:

K=

fo
f J M pnp

( 2 .20)

\2

To find the required selectivity of the AAF and AIF the nearest reflection frequency
of fo through the multiples of Np*fs/2Mpnp or Nreal*fs/2 must be found. This
reflection frequency, fr, as shown in [104] and modified for the N*M-path
implementation is given by:
^^pnpfo I 1

fr =

fs
M pnp
C2.21)

int

A
M
2
pnp

The frequency difference between fo and the nearest alias is therefore given by:
(2 .22)

giving:
A ^^pnpfo - in t
^pnp Npfs

N J r

2
(2.23)

f s bo
-^ -in t
^pnp

2

fp and bo
nearest aliases of fo will be approximately equidistant from it. Therefore, as given
in [104], Af can be used to define an approximate relative bandwidth for the AAF
and the AIF as:
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fo
2N^

r
bo

- in t

K

\

1
+2

(2.24)

The above equation gives the selectivity of the AAF and AIF used in the
frequency translation. A further factor that influences the design of the AIF is the
sample-and-hold attenuation (ash), which depends on both Np and bo, and is given
in [104] as:
sin(7i/„r/Afp)
^sh =
(2.25)
sin(nj)o / 2Np]
nbo/2Ni,
When designing a UNB filter, given the required Q-enhancement factor,
(2.24) and (2.25) can be used to obtain bo and Np for an optimum RBWaaf and ashAs an example, figures 2.20 and 2.21 give values of RBWaaf and ash as functions
of bo and N, where definite peaks can be observed. Np and bo must be chosen so
that they maximise RBWaaf and minimise ash- (In figure 2.20, the AAF selectivity
for bo < Np is not plotted since in an UNB application, bo is always greater than N.)
The following section gives the steps required to optimise these parameters using
graphical data to design UNB filters using the theory given in this section.
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F igure 2.20: The variation of RBWaaf with the number of path (N) and the principal band (bo)
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Figure 2.21: The variation of a^h with the number o f path (N) and the principal band (bo)
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2,4 METHODOLOGY FOR THE DESIGN OF A UNB FILTER
This section gives a methodology for the design of UNB filters that has been
developed and refined over the period of this research. The methodology produces
an architectural design, that uses PMP path filters, AAFs and AIFs as building
blocks, and gives the specification for them so that they can be implemented using
standard SC techniques. There are several architectures available to implement
PMP filters [e.g. 90,99]. However, in this methodology, the path filters will be
restricted to circulating delay-type PMP filters. This is because this is the only
architecture available from the literature that has clock feedthrough noise located
outside the passband and can be used with the N*M-path architecture.
The methodology has been developed as a first step towards the automation
of a synthesis process, which may eventually allow UNB filters to be generated
from high level specifications. However, the methodology is still at an early stage
of development, and therefore requires considerable human interaction and
judgement. Nevertheless, worthwhile productivity gains can be obtained by using
the equations given with a simple tool, such as a spread sheet, to explore the design
space and obtain the specifications for the sub-blocks of the complete filter. To
illustrate the methodology, the design of an example UNB filter is presented with
the design procedures. The specification is taken from an example of an SSB filter
for amateur radio equipment. In the past, similar filters have been implemented
using 6-pole crystal filters [1] and its specification is given by:
desired Q:

Qd=1600 (RBW=0.0625%);

centre frequency: fo=3.395MHz;
dynamic range:

Dd=35dB;

sharpness:

Qs,d=61%.

2.4.1 R equired data
Before following the design steps, the following data are required.
1. Desired specification of the filter including
a) the desired Q (Qd);
b) the centre frequency (fo);
c) the dynamic range (Dd)
d) the desired sharpness of the filter defined as
(2-26)
J sb,d
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where fpb,d is the desired pass bandwidth and fsb,d is the desired stop
bandwidth
2. Minimum achievable (fpb,sp/fs,sp) for a lowpass conventional single-path
filter with the same sharpness as that desired for the UNB filter; where
fs,sp is the sampling frequency of the single-path filter and fpb,sp is the
-3dB passband bandwidth of the low pass response of the single-path
filter. This parameter depends on the technology available to the
designer.
3. The dynamic range for this single-path filter.
For our design process, the minimum ratio of fpb,sp/fs,sp of the single path
filter chosen is 1/100. This is a reasonable value, since single path SC filters can be
used to implement Q up to 100 [91]. For a lowpass response this can be interpreted
as fpb,sp/fs,sp= 1/200. The design procedure used to obtain the architecture and the
specification of the building blocks of the UNB filter will now be explained.

2.4.2 D esign p ro ced u re
This section explains the complete design procedure and, to illustrate the
methodology, the design of the UNB filter with the specification given above is
presented in parallel. A summary of the design steps is then presented as a flow
chart.
From the system specification, the required Q-enhancement factor (K) is
calculated as:
K=

(2.27)
/ s,sp

where fpb,sp/fs,sp is the ratio of the -3dB bandwidth of thelowpassresponse to the
sampling frequency(or the lowpass Q) of the singlepath filterand Qd is the desired
Q of the filter. Using (2.27), the minimum principal band, bo,min» is obtained as:
6,,mm ==2JC:

(2.2IS)

Therefore, for our example, K is 32 and bo,min is 64.
Now, a value of Np must be found that will optimise both the RBWaaf and
ash of the UNB filter. From figures 2.20 and 2.21, it can be seen both these
functions have peak values for specific values of bo and Np, but they are not
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coincident. Figure 2.22 gives the contour plots of these two variables for bo up to
100, which is obtained from figures 2.20 and 2.21.
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F igu re 2.22: The contour plot o f (a) RBWaaf [%1 and (b) ash with the number o f path (Np) and the
principal band (bo)
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Figure 2.23: The contour plot o f (a) RBWaaf [%] and (b) «sh with the number o f path (Np) and the
principal band (bo)

These plots can be used to find an estimate of Np and Np,est. for bo,min,
which will optimise RBWaaf and ash- Similar contour plots for bo up to 200 are
given in figure 2.23. A limit on the maximum value of Np of 100 is used since the
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region o f interest is probably for Nreal=Mpnp=10, which gives an Np=100. To help
m ake this decision, (2.16) and (2.17) can be used to obtain an approxim ate value of
Np that will optim ise RBWaaf- The com bined equation can be written as:

N p ,e s t

(2.29)

2/ + 1

w here i is an integer, which represents the i^^ peak in RBW for a fixed bo (as shown
in figure 2.20). For our exam ple, if 1=2, it gives Np,gst=26.
As explained before, the num ber of effective paths that will be im plem ented
is lim ited to be even. Also, when N,-eal<Mpnp, the signals can be sam pled at regular
intervals only if Mpnp+1 is a m ultiple of Nreal- As an exam ple, table 2.3 tabulates
possible even values o f Np, for different values o f Nreal and Mpnp.

Table 2.3: The num ber o f paths (Np) for the N *M -path im plem entation
3

5 "
4

6

7

6

g

10

8

11
'

10

6

-

10

-

12

-

18

-

22

-

-

-

-

-

24

-

-

-

12

-

20

-

28

-

36

-

44

-

20

-

-

-

-

-

-

-

«

18

24

30

-

42

-

54

-

66

7

-

28

-

42

-

-

-

-

-

8

24

32

40

48

56

-

72

-

88

9

-

36

-

54

-

72

-

-

-

10

30

40

50

60

70

80

90

-

110

11

-

44

-

66

-

88

-

110

-

12

36

48

60

72

84

96

108

120

132

»

-

52

-

78

-

104

-

130

-

5

.

U sing table 2.3, Np for our exam ple can be chosen from 24, 28 and 30 (for
differen t com binations o f Nreal and Mpnp)- To m ake a choice betw een them , an
estim ate o f the size and the dynamic range of each configuration m ust be obtained.
Now , it has been shown that, when true N-path filters are used to obtain a bandpass
response from a single-path prototype filter, the noise perform ance is not degraded
w hen they are com pared to the prototype filter [102]. A dditionally, it has been
show n that, when PN P filters are used to obtain the bandpass response, the noise
p erform ance is degraded when they are com pared to the prototype filter [102].

74
(However, it has also been shown that the use of PNP filters does not degrade the
noise performance of the overall system, when they are compared to a similar
system that is implemented using true N-path filters [104].) Therefore, to maximise
the dynamic range, a low value of Mpnp must be chosen. However, when a low
Mpnp is chosen, the required Nj-eai is large and hence the number of components
that can be multiplexed will be low. This will, therefore, increase the size of the
filter.
Now, it is not possible to obtain a closed-form expression for the dynamic
range of UNB filters and we have no access to simulators that can predict such
parameters. However, from the experience gained from the implementation of path
filters and extending the results that have been published in the past, it is possible to
establish some guidelines that can be used to estimate the dynamic range. It has
been shown in [102] that the use of PNP filters degrades the dynamic range by a
factor proportional to the extra number of charge transfers required for every output
sample. Therefore taking rjsp and rjaaf as the noise voltages (in V/VHz) of the SC
core filter and the SC AAF and AIF, it is suggested that the following formula is
used as an estimate of the noise of the UNB filter:
'^U N B

= Tljp + 'H aa/ + h { ^ p n p + ij'H cô + ^ l i ^ r e a ^ ^ s w

(2.30)

where ricb and rjsw are the noise voltages (in V/VHz) of the additional switched
memory capacitors in the integrating capacitor bank and that due to the switches in
the N-path configuration respectively. The constants kj and k2 are the scaling
factors, which are expected to be around unity. This takes into account the noise
contribution due to Mpnp+1 additional charge transfers per cycle and that due to the
additional components required for the N*M-path architecture. While not exact, this
formula at least gives a rational method for comparing different configurations.
The size of the filter can also be estimated from the experience gained from
the layout of the functional blocks and the programmable filter. The size of most of
the sub-blocks, such as amplifiers, clock generators and switches can usually be
found from the information given in the standard cell library. The total size of the
capacitors depends on the order and the type of filter used, and it was found that the
area occupied by the capacitors and the associated routing is dominant in high-Q
filters. Additionally, it was also found that the routing takes about 40% to 50% of
the total chip area. Using this information, an estimate of the size of the UNB filter
can be made using:
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^UNB -

(2.31)

^sh+^pnp X % (1 + \ )^real + ^clk + ^aaf
f=i
/

w here Ssb is the total area of all the sub-blocks (excluding the area o f the clock
generator) that is required to im plem ent the single-path core filter, X(Sci) is the total
area occupied by the integrating capacitors and its associated sw itches (m is the
order o f the single-path filter), Ap is the fractional increase in area due to routing
(w hich is usually 40% to 50% of the filter, giving a value o f

as 0.4 to 0.5), Sdk

and Saaf are the size o f the clock generator and the anti-aliasing and anti-im aging
filters. The size of the clock generator, AA F and AIF can also be found by finding
the total area o f the constituent blocks and m ultiplying them w ith (l+A ^). As an
exam ple, table 2.4 com pares the areas o f several path filters that were im plem ented
and th at calcu lated using (2.31) for A^=0.45. The area o f the su b -blocks is
technology-dependant and for our im plem entation they can be obtained from the
im plem ented values given in section 3.4. As show n, for the first tw o filters, the
predicted areas are w ithin 1% of the im plem ented values. The other two filters are
m uch sm aller, and therefore the m argin of error is expected to be larger, but their
errors are still less than 10%.

Table 2.4: Com parison of the im plem ented and predicted areas [mm^] of filters
P re d ic te d

Im p le m en te d

E rro r

3rd order single-path

1.17

1.16

0.9%

3rd order SSC-FGI P7P

4.62

4.64

-0.4%

1st order SSC#1-FGI

0.56

0.60

-7.3%

1st order SSC#2-FGI

0.44

0.41

6.7%

Im p le m en te d F ilte r

As discussed above, a higher value of Mpnp will reduce the dynam ic range
and a higher value of Nreal will increase the size of the overall filter. A nother factor
that will affect the choice of Mpnp and Nreal is the sam pling speed and the speed of
o peration. Since a circu latin g delay type PM P arch itectu re w as chosen, the
frequency w ith which the charge is shifted or the operating frequency o f the PM P
filter is (Mpnp+1 )fs [90] and the sam pling speed o f the N *M -path filter is (Nreal)fsT herefore, if Nreal is less than Mpnp+1, then the sam pling frequency o f the N*M path filter is less than the operating frequency o f the PM P filters. On the other hand,
if Nreal is larger than Mpnp+1, then the operating frequency of the PM P filter is
higher than the sam pling frequency o f the N *M -path filter. T herefore, a good
com prom ised solution is given by Nreal=Mpnp+l so that the operation frequency of
the PM P filter is the sam e as the sam pling frequency o f the N *M -path filter.
Therefore, for our exam ple, Np=30, with Nreal=6 and Mpnp=5 was chosen.
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Now, for the chosen Np, the optimum Nyquist band, bo, must be re
calculated using the figures 2.22 and 2.23 to optimise RBWaaf and ash- However, it
is much easier to optimise the RBWaaf, and calculate ash to verify that it is greater
than -30dB (the minimum value that can be implemented). The RBWaaf is
optimised when the PNB chosen is such that:
= 2 int

+

(2.32)

where int(%) is the integer truncation of x and i is and integer such that:
(2.33)
For the chosen bo and Np, (2 .2 4 ) and (2 .2 5 ) can be used to calculate the
required R B W aaf and ttsh* For our example i=2 and hence b o= 76, which gives a
R B W aaf=36.8%

and an a sh = -1 4 .6 d B . Using the parameters calculated above, it is

possible to design the SC path filter, the AAF and the AIF, and hence to obtain the
size and the dynamic range of them. This can be used with (2 .3 0 ) and (2 .3 1 ) to
estimate the size and the dynamic range of the UNB filter, which can be compared
with the initial specifications. If they are not within the specification, then different
values of Np, bo, Nreal and Mpnp must be found. If no such set can be found, then
the design procedure fails, implying that the UNB filter cannot be implemented for
the given specifications using this architecture. In such a case, the specifications
must be altered by allowing, for example, a lower dynamic range or a larger chip
area. However, if an acceptable set is found, then the architecture of the UNB filter
can be obtained. The next section will show how the values calculated can be used
to obtain a detailed specification of the path filter, the AAF and the AIF.

2.4.3 Single-path SC filter
This section explains how to draw up the specification of the lowpass SC core filter
from the parameters calculated in section 2 .4 .2 . This single path filter is then
converted to a PNP filter, which is used as the path filter in the UNB filter.
Using bo, the Q-enhancement factor that is implemented, Kimp, can be
calculated from:
K^p = ^

(2 .3 4 )
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Then using (2.27), the ratio of the single-path filter’s passband edge to its
sampling frequency can be found as:
fp h ,s p _ ^ im p

where fpb.sp is the -3dB bandwidth and fs,sp is sampling frequency of the lowpass
SC single-path filter. The order of the lowpass filter should be such that:

=

(2.36)

J sb,sp

where fsb,sp is the stopband bandwidth of the lowpass filter. For our example filter,
Kimp=38 and therefore, the single-path core filter must be designed such that
fsb,sp/fpb,sp“ 1/84.21 and fsb,sp/lpb,sp—0.6.
The lowpass core is then converted to a circulating delay pseudo-M-path
filter with M=Mpnp and finally to a N*M-path filter with N=Nreal- This will bring
mr(Np/2) bandpass responses, all around kfg/Mpnp (where k is an integer) within the
Nyquist frequency (or the baseband) of the multi-path filter system. All these
responses can be used for filtering, but the use of any one of them will not cause
alias distortions. If the bandwidth of the incoming signal of the UNB filter systems
is wider than fg/Mpnp then all bands apart from an optimum response must be
suppressed using an additional FIR-SC filter. The PNB where this optimum
frequency lies can be found from (2.17) for i=0. The optimum passband centre
frequency can now be calculated using (2.19) as:
/i =

2
Js

= int
V

y ^pnp

where bi is the optimum PNB. For the example filter, hi = 16, and therefore
f 1=8/5fg. Therefore, out of the 15 bandpass responses that are within the baseband
of the N*M-path filter, the selected band is located around 8/5fg.
Now, the required sampling frequency of the PNP filter, fg, can be calculated
using (2.19) as:
A =

(2.38)
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and the operating frequency of the PNP filter is given as:
f

op,pnp

{^pnp

C 139)

" {^pnp + ^)^pnp

,

The sampling frequency of the N*M-path filter is given by:
fs,N * M ~ ^ r e a l f s
=

/ /

(2 .4 0 )

,M
^^^pnp

^^real

^

When the number of real paths Nreal is equal to Mpnp+1, then fs,N*M is equal to
fop,pnp- This gives the optimum frequency of operation for the UNB filter system.
N*M-path filter
fs

PMP-1
PM P-2
PMP-3
PM P-4
PMP-5
PM P-6

1

2
3

4'
5

6

Clocking Schemes
operating frequency
(fs(Mpnp+l))
(Mpnp=5)
fop.p

N*M-path
sampling frequency
(Nreal=6)

, L t,

5

-fs,6_

N*M-path
sampling frequency
(Nreal=3)

.fs.3_

N*M-path
sampling frequency
(Nreal=2)

-fs,2_

F igu re 2.24: The sampling and operating frequency o f the PNP filter
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If Nreal is less than Mpnp+1, then

fs,N * M

will be a fraction of fop,pnp and

fg

have to be obtained such that the samples are taken at regular intervals. This is
illustrated in figure 2.24 for Mpnp=5 and Nreal=6, 3 and 2, where the sampling
frequency is derived from fop.pnp- The number at the sampling point indicates the
samples for the individual paths of the N*M-path filter. For other values of Nreal»
which is less than Mpnp+1 (i.e. Nreal=4 and 5),

fg

and

fop,pnp

have to be derived

from a much higher clock frequency. This clock frequency, fc, can be found as:
f , = LCM[N,,^tMp„p + l ] f ,

(2.41)

where LCM(x,y) is the least common multiple of x and y. If, however, Nreal is
greater than Mpnp, then the PMP filter is operating at a slower speed than
and therefore

fg,N *M

fg,N *M

is the maximum clock frequency required for the N*M-path

filter. For our example, sampling frequency of the PNP filter is 446.71kHz, and its
operating frequency is 2680kHz. The sampling frequency of the UNB filters is also
the same as the operating frequency of the PMP path filters.

2.4.4 AAF and AIF
This section gives the guidelines that can be used to draw up the specification of the
AAF and AIF from the parameters calculated in section 2.4.2. From the
specification, standard SC techniques can be used to design them [e.g. 120-126].
The anti-aliasing filter consists of a low-selectivity continuous time filter
and a highly selective decimating filter. The anti-imaging filter consists of a highly
selective interpolating filter and a low-selectivity continuous time filter. The input
of the UNB filter is sampled and the sampling rate is reduced by the decimating
filter, before they are used as input to the N*M-path filer. This sampling rate
reduction must be such that the continuous time filter used will be able to attenuate
the full aliases of the UNB filter to an acceptable level. Similarly, the output of the
N*M-path filter should be interpolated to give a higher sampling rate so that the
continuous time anti-imaging filter will be able to attenuate the full images of the
UNB filter to an acceptable level. In our application, the decimation factor is
identical to the interpolation factor.
Now, the attenuation of an n^^ order Butterworth continuous time filter is
given by -20n dB/dec. (A Butterworth filter is taken as an example because it is
easier to calculate the roll-off.) If the centre frequency of the UNB filter is fo then
the -3dB frequency of the continuous time filter can be chosen as 3fo. The
maximum deviation of the passband will then be less than 0.1 dB even after
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allowing a 50% change in the -3dB frequency of the continuous time filter due to
process variations. The minimum frequency above which the continuous-time filter
has an attenuation, which is greater than that required by the system for the aliases
and images, is given by fAx where :
log(//lx) = ^

+ log(3/o)

(2.42)

where Ax is the attenuation in dB that is required for the full alias or image by the
continuous time filter. Therefore, taking a 4th order continuous time filter for our
example, -3dB frequency should be at 10.185MHz. Taking the require attenuation
of the full aliases to be -35dB, fAx is 27.89MHz.
Now,taking thesampling frequency of the UNBfilters to
full alias of theN*M-path

be fs,UNB, the first

filter is at fs,UNB-fo- This aliasmustberejected by the

continuous time filter. Since the continuous time filter rejects responses for f>fAx,
the sampling frequency of the UNB filter should obey:
fs,UNB ~ f o ^ /

(2.43)

ax

The sampling rate reduction, L, by the decimator (and the increase by the
interpolator) should therefore be at least:
J
_ fs,UNB
Mnin
r
Js,N*M
^ / ax + fo
^realfs

(2.44)

For the chosen L, the sampling frequency of the UNB filter can be written as:
fs,UNB - ^real ^ f s
Therefore Lin ourexample must be greater than 12.Taking

(2.45)
L to be 14, the

sampling frequency of the UNB filter is 37.52MHz.(This is a veryhighsampling
rate, and hence the AAF and the AIF may have to be implemented using a high
frequency technology.) This sampling action produces several alias and image
responses, which are located around the multiples of the effective sampling
frequency given by Npfg/Mpnp, or Nrealfs- Since the centre frequency of the selected
baseband response of the N*M-path filter is located at (bi/2)fs/Mpnp, the centre
frequency of the alias and the image responses can be found at:
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fi -

■i±
y^pnp

=1

'I
2M p n p

fs
J

(2.46)

fs

2 J M pn p

where i is an integer. All the alias and image frequencies up to

(fs ,U N B -fo )

must be

eliminated by the AAF and AIF, except those around fg. An estimate of the number
of aliases and images that must be eliminated can be found from:

aliases

2 int

^f s , U N B ~ f o
^ re a l f s

J

(2.47)
= 2 int . - A '
2N P J
Therefore, for our example, 24 aliases must be eliminated and the centre
frequencies are located at fi given in (2.46) for Np=30, Mpnp=5 and bi=16.
The design of the AIF is similar to the AAF, except that it should have a
gain at the centre of the passband to compensate for the sample-and-hold
attenuation. The required gain, to obtain an insertion loss of OdB for the UNB filter,
is the same as that obtained for the sample-and-hold attenuation.
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2.4.5 Sum m ary of the m ethodology
Figure 2.25 gives a sum m ary of the design steps as a flow chart.
System
specification.

Q -enhancem ent factor

S elect the best
R B W a a f , CXsh & Np.est

S elect Np, Nreal & Mpnp
for optim um size & DR
C h oose b.
for Np

Estim ate the size &
*DR for SC filter

■o

Estim ate the siz e &
DR for A A F & A IF

f S ize & dynam ic rangeN
o f U N B filter
J

on
within spec.

Np exhausted?

*DR = dynam ic range

Specification for
SC path filter

Specification for
A A F and A IF

Figure 2.25: The flow chart for the architectural design of the UNB filters.

T he initial step (A) is to obtain the required Q -enhancem ent factor from the
system specification and the technology available using (2.27). A m inim um PNB is
selected using (2.28) (B), and it is used to select the best RBWaaf, o^sh ^nd Np^est
using the graphical data provided in figures 2.22 and 2.23 (C). U sing Np^est, the
values for Np, Mpnp and Nreal are then chosen that will optim ise both the dynam ic
range and size o f the UNB filter (D). The system param eters are re-calculated for
the o ptim ised set o f Np, Mpnp and Nreal (E-F). If the estim ated values o f the
dynam ic range and the size are w ithin the system specifications, then the chosen
values are used to draw the specification of the SC path filter, the AA F and the AIF
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(G-H). If however, they are outside the system specification, then a different value
of Np, Mpnp and Nreal must be chosen. This might, for example, involve selecting
an Np that is close to its previous value and choosing a different Mpnp and Nreal
(path 1 in figure 2.25) or selecting a much larger Np by incrementing i in (2.16)
(path 2). If all the values of Np that can be implemented are exhausted, then the
design procedure fails, indicating that the UNB filter cannot be implemented using
this architecture for the specifications given. If the system specification cannot be
changed, then it might require, for example, increasing the maximum allowable size
for the filter.

2.5 FURTHER DESIGN EXAMPLES
The following sections give two more design examples, one of which has been
previously implemented using an electro-mechanical filter [2]. It follows the design
procedure given above to obtain the architecture of the N*M-path filter and draw up
the specifications of the SC core filter, the AAF and the AIF.

2.5.1 D esign exam ple 2
The following is a specific UNB filter that can be used, for example, as an IF filter
for commercial radio applications. This has been implemented in the past using a
mechanical filter with PZT ceramic resonators [2]. As we will show, the filter can
also be implemented using monolithic integrated technology, and such an
implementation would be expected to be much cheaper and have a better
performance than the original. The specifications of the filter are as follows.
Q d= 110(R B W = 0.88% );

fo=455kHz;
Dd=50dB;

Qs,d=20%
Design procedure
This is a moderately low-Q application, and therefore the fsb,sp/fs,sp of the single
path will be reduced to 1/25 so that the SC filter can then be implemented with a
moderate capacitance spread and chip area. Now, using (2.27), the Q-enhancement
factor K is equal to 9, which gives a bo,min of 18. Using the figure 2.22, Np,est is 12
for RBW aaf>60% and ash>-10dB or Np,est is 6 for RBW aaf>20% and ash>-15dB.
To optimise the RBW aaf, these values of Np^est corresponds to those given by (2.29)
for i=l and 1=2 respectively. The AAF and the AIF can be implemented with a
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RBWaaf>20% and ash>-15dB, and therefore Np^est=6 will be chosen, Using (2.24)

and (2.25) this gives a RBWaaf=25% and ash=-13.7dB. Now, from table 2.3, Np=6
can be implemented for the architectures with Nreal=2 and Mpnp=3 or Nreal=6 and
Mpnp=l. Taking the choice to optimise the dynamic range, the first set will be used.
From (2.32), bg is found to be 16. Figure 2.26 gives the architecture of the UNB
filter.
PMP-1

N*M-path filter
PM P-2

operating frequency
(Mpnp=3)

fop.i

N*M-path
sampling frequency

1,

(Nrcal=2)

I
.fs,2_

F igu re 2.26; The architecture for the U NB filter o f the design exam ple#!

SC Filter specification
The required Q-enhancement factor from (2.34) is 8. From (2.35), the ratio of the
-3dB passband edge of the SC single-path core filter to its sampling frequency is
given as 1/27.5. From (2.27), the selectivity of the low pass filter, which is the ratio
of the -3dB passband edge to the stopband frequency, is calculated as 20%. Using
these parameters, the single-path filter can be designed using standard SC
techniques, and then converted to a pseudo-3-path filter.
From (2.39), the operating frequency of the P3P filter is 341.25kHz and its
sampling frequency is 113.75kHz. From (2.40), the sampling frequency of the
N*M-path filter as shown in figure 2.26 is 341.25kHz. Therefore the specification
of the single-path core filter can be drawn as:
fs,sp/fpb,sp
fpb,sp/fsb,sp

27.5
^ -2

passband ripple

0.5dB

stopband attenuation

-50dB

amplifier settling time (to 0.1%)

2 . 9|lis
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This can now be im plem ented using standard SC techniques. The single-path
filter can then be converted into a circulating delay P3P filter and an additional FIR
filter can be used to elim inate the low-pass response.
A A F and A IF specificcition
For this application, we will choose a continuous time A A F filter of 4th order. For
the values calculated above and using (2.24) and (2.25), the selectivity of the AAF
is 25% and the sam ple-and-hold attenuation is -13.69dB . N ow , taking the -3dB
freq u en cy o f the co n tin u o u s tim e A A F as 1.365M H z, (2.42) gives I'ax as
5.765M H z. From (2.44), the sam pling rate reduction factor L should be m ore than
19. T aking L to be 20 and using (2.45),

is calculated as 6.825M H z. Now,

fs,U N B

from (2.17), bi= 4. Therefore, the centre frequency o f the bandpass response at the
baseband o f the UNB filter is 2(fg/2)_ The centre frequency o f the UNB filter,
calculated using (2.19) is at 8(fs/2). The equation (2.46) can be used to obtain the
other frequencies that m ust be elim inated by the A A F and the A IF as given in
figure 2.27.

H— I— h

H— I— h

fo

full im age

H—h

X ts/M p n p

ts.UNB

Figure 2.27: Schematic representation of frequency translated bands showing the bands that must
be eliminated by the AAF and the AIF for the design example#2.

Standard SC techniques can be use to design the SC decim ating and
interpolating com b filter to elim inate the bands (already partially cancelled) up to
110(fs/2) (or 6.256M Hz) as defined in figure 2.27. The input sam pling frequency of
the A A F is 6.825M Hz, with a sam pling rate reduction o f 20. The interpolating filter
should have a gain at fo of 13.69dB, and the bands elim inated are identical to those
of the decim ating filter. The specification o f the low pass continuous tim e filters
used to elim inate the full aliases and im ages o f the UN B filter can therefore be
drawn as:
order
-3dB passband edge
passband ripple

4
1.365MHz
0.1 dB
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The example illustrates how the methodology can be used with the design
equations to obtain the architecture of a UNB filter. Standard techniques can then
be used to design the sub-blocks from the specifications. MATLAB simulations
have shown that the single-path SC filter can be designed to fit the required
specification using a 3rd-order elliptical filter. Following the design procedure that
will be described in Chapter 3 for the design of a 3rd order SC filter, analysis shows
that this can be implemented with an approximate capacitance spread of 40 and
total unit capacitance of 125. As shown in Chapter 3, the area of the single-path
filter is dominated by the size of the amplifiers. Additionally, the size of the
capacitors is dominated by the integrating capacitors. Therefore, in (2.31), the
approximate value for Ssb is the size of the amplifiers and ZSci is the total area of
the capacitors.
Using the figure for the size of the amplifiers and the capacitors given in
Chapter 3, and assuming a 45% increase in the size of the filter due to routing, the
approximate size of the single-path filter is 1.29mm^. Using Mpnp=2, this gives an
approximate area of the PMP filter of 1.5mm^, and finally using N=3 gives an
approximate area of the N*M-path filter as 4.6mm^. This is a relatively low-Q filter
and the number of pseudo-paths is small. Therefore, it is not expected to require
correction for the finite gain of the amplifiers. Therefore, the filter will require 5
clocks and can be implemented with a relatively low number of logic cells.
Reference [108] has shown that a decimating filter with L=24 and a RBWaaf
of 80% can be implemented with 3 amplifiers and a total capacitance of 88.
Similarly, it was also shown that an interpolator can be implemented with 4
amplifiers and a total capacitance of 175. Assuming that area of the sub-blocks is
dominated by the size of the amplifiers and the capacitors, the size of the AAF and
the AIF, for the MIETEC2.4pm CMOS technology, is estimated as 2.8mm^. Now,
for this example UNB filter, the required L is 20 and RBWaaf is 25. Using a linear
scaling for both L and RBWaaf, the approximate size of the required AAF and the
AIF is calculated as (2.8*20/24*80/25)=7.5mm2. (If, however, if a complete design
were carried out, the figure is expected be smaller.) Therefore, using (2.31), the
total area of the UNB filter is expected to be below 12.1mm^.
The use of a simple tool such a spread sheet to automate the above design
process will now be explained. This will be illustrated using another example.

2.5.2 D esign exam ple 3
This example UNB filter is designed for the following specifications.
Q d = 5000(R B W = 0.02% );
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fo= lM H z;
Dd=40dB;

^s,d=50%
D esien procedure

Table 2.5: Spreadsheet calculation of the architectural design
B

10
11
12

H

UNB filter Specification

Singie-path filter

Desired Q (Qd)

Eq (2.34) for Kjmp

108

Centre Freq. (to) (MHz)

Eq (2.35) forfg/fbp

92.5926

Im ages at

^s^^pnn
36
12
60

84

Dynamic Range (Dq)

Eq (2.36) for Qs

0.5

108

132

Selectivity (Qg)

Eq (2.17) forb i

24

156

180

Single-path (fg/fpb)

Eq (2.37) forf1*Mpnp/fs

12

204

228

Stopband attenuation

Eq (2.37) for fi (kHz)

111.111

252

276

Eq (2.38) for fg (kHz)

55.5556

300

324

Eq (2.40) for fs,N*M(kHz)
Eq (2.39) for fop.pnp(kHz)

444.444

348
396

372
420

444
492
540

468
516
564

588
636

612
660

UNB A rctiitecture

Eq (2.27) for K

100

Eq (2.28) for bo.min
i for Eq (2.29)

200

13
14

Eq (2.29) for Np,est

44

order of C-filter

15

Np

48

16

4}
3
9.48683

17

Mpnp (table 2.3)
Nreal (table 2.3)

3fo
Eq (2.42) for fAx(MHz)
Eq (2.42) for fAx/fs

170.763

684

708

18

Eq (2.32) for bo

216

24

19

Eq (2.19) forfo/*M pnp/fs

108

732
780

756
804

20

Eq (2.24) for RBW (%)

828

21
22

Eq (2.25) for a g h ( d B )

852
900
948
996

A A F & A IF

-

22.2
20.0

Eq (2.44) for Lmin
L
ls,UNB*Mpnp/fs
Eq (2.45) forfg,uNB(MHz)
Eq (2.46) for fim(MHz)

23

Eq (2.46) forf|m*Mpnp/fs

24

Eq (2.19) forfo*Mpnp/fs

25
26

388.889

gg
1200
11.1111
10.1111
1092

^ 876

108

1020
1068
1116

9É4
972

1044
1092
1140

For this exam ple, the design equations are im plem ented in E X C E L as a
spread-sheet. Table 2.5 shows part o f the this spread-sheet, where the num bers in
out-line are user entered data. The specification values are given in the cells B3 to
C8. W e have decided to choose Np to optim ise the RBW aaf and verify that the
resu ltin g a sh can be im plem ented. T herefore, the value o f / used in (2.29) to
estim ate the value for Np that will also optim ise RBW aaf is given in the cell B l 1.
T he table 2.3 is then used to select the values Nreal and Mpnp to obtain the
architecture, which are used to autom atically calculate the values of the RBW o f the
AA F and ash- The values of / , Nreal and Mpnp are changed until acceptable values
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for RBWaaf and ash are obtained. These values are used to calculate the
specification of the single-path filter as given in the cells E3 to FI 1. The order of
the continuous time filter is then chosen to obtain a realisable sampling rate
reduction (L) and the sampling frequencies. If an acceptable value is not found,
then the architecture can be changed by changing the value of i, Nreal and Mpnp.
The alias and image frequencies are located around kfg/Mpnp, where the values of k
are given in the cells H3 to 126. The continuous time filter will attenuate all
frequencies above the frequency given by k in the cell F23. There the AAF and AIF
should eliminate all the other responses, except the one at the centre frequency of
the UNB filter. The value of k for fo is given in the cell F24.
From the table, the suggested Np^est is 44, but we have chosen Nreal=8 and
Mpnp=6, giving an Np=48. For these parameters, the specification of the single-path

filter, the AAF and AIF is calculated as shown. The images are located around
k(fg/Mpnp), where k is given in the two columns under images. These images up to
1092(fg/Mpnp) (the first full image) must be eliminated except those around fo at
108(fg/Mpnp), as indicated by the shaded cells.

Now, using a similar process to that used for the previous example, the
approximate size of the UNB filter can be found. Following MATLAB simulations,
it was found that a 4th-order elliptical filter will fit the required specification.
Chapter 3 shows that a 3rd-order filter with similar specifications can be
implemented using a total capacitance of 101 units. Therefore, assuming that the
size of the single-path filter is proportional to its order, the approximate size of the
single-path filter, when implemented using the 2.4)Lim technology, is l.Smm^. Using
this value, the size of the P6P filter is given by 2.6mm^, and the size of the N*Mpath filter is given by 20.8mm^. Following a similar linear scaling process used in
the previous example, the size of the AAF and the AIF is calculated to be lO.Smm^.
Therefore, the size of the UNB filter will be about 32mm^. A filter with similar
specifications has been implemented in the past using crystal or digital filters [1,3].
Crystal filters cannot be integrated and a complete integrated digital filter system is
expected to occupy a much larger chip area.
This example therefore shows how a simple tool such as a spread-sheet can
be used to obtain the architecture and the specification of the sub-blocks using the
methodology explained in this chapter. Although, the methodology must be refined
to fully automate the process, it is sufficient to explore the design space of UNB
filters efficiently.
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2.6 SUMMARY AND CONCLUSIONS
The properties of UNB filters that are implemented using the N*M-path Frequency
Translated architecture and a methodology for the design of such filters were
presented in this chapter. Even though the N*M-path FT systems are more complex
than NPFT systems, their frequency domain characteristics are similar. Therefore,
NPFT systems were first presented and their operation explained. In this section,
the technique of Q-enhancement using frequency translation was also reviewed.
The creation of mirror components in multi-path systems was also reviewed and it
was explained that such mirrors can negate the advantages offered by multi-path
filters in a FT system. Therefore, it was concluded that the reduction of mirrors is
paramount in UNB filters systems and hence the mirror creation was reviewed by
using a mathematical model that has been used in the past. This was then extended
to give a time-domain explanation on the elimination of mirrors by the process of
out-phasing. This explanation was used in appendix A to calculate the effects of
path mismatch on mirrors in multi-path filters. The analysis was further extended in
appendix A to give a method for calculating the effect of statistical variations of
high-level parameters of the path filter (such as peak-amplitude, fo, RBW, etc.) on
the mirrors. This method was used to confirm that the mirror strength is most
sensitive to fo variations and therefore fo must be very stable in path filters. This
can only be achieved using PNP filters as path filters, which explain the use of PNP
filters in N*M-path architecture.
A major contribution of this Chapter has been a presentation of a design
methodology for implementing UNB filters using N*M-path filter architecture. The
methodology brings together previous work that has been published and the
experienced that was gained from the design, layout and testing of a programmable
PNP filter. Although the methodology is still at an early stage, it was developed
with the aim of it being automated, so that it can be used to implement UNB filter
from a high level specification. For this methodology, the design equations were
given and the procedures were explained in detail. To illustrate the methodology,
the design of a specific UNB filter was presented in parallel with the design
procedures. Key equations were expressed graphically or as look-up tables to ease
the design process. It was shown that, starting with a high level specification, (such
as the desired Q, fo and the dynamic range), the methodology can be used to obtain
an architecture and the specification of sub-systems. These sub-systems can then be
implemented using standard SC techniques. The methodology was tested on several
filters, and two more examples were presented. It was shown that, by using a simple
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tool, such as a spread sheet, the methodology can be used to explore the design
space efficiently in a relatively short time.
The proposed method is sufficient to compare the design of alternative
architectures, but is unlikely to produce accurate, absolute results. More work is
needed to improve the suggested dynamic range calculation, for example, and
future measurements may be used to refine the design procedure. This is a difficult
process and can be helped by the effective use of more powerful simulators.
Additionally, to complete the design process, a simple design procedure to
implement the anti-aliasing and anti-imaging filters from the specifications
produced by the high level design must also be developed.
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List of symbols and acronyms
AAF

Anti-Aliasing Filter

AIF

Anti-Imaging Filter

FGI

Finite Gain Insensitive

fpb,sp

-3db bandwidth o f the single-path SC lowpass filter

fs,sp

sampling frequency o f the single-path SC lowpass filter

fsb,sp

stop bandwidth o f the single-path SC lowpass filter

Lu

length o f the unit sized capacitor

Mpnp

the number o f pseudo-path in the PNP path filter

Np

the number o f path in the UNB filter

Nreal

the number o f real paths in the N*M-path implementation

OA

Operational Amplifier

OTA

Operational Transconductance Amplifier

R BW aaf

Relative Bandwidth o f the AAF or the AIF

Ron

on-resistance o f the switch

Wu

width o f the unit sized capacitor
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3,1 INTRODUCTION
This chapter gives the detailed design and implementation of a specific UNB filter.
The specification for this demonstration circuit might, for example, correspond to
an SSB filter for use in amateur radio. It uses the design methodology given in the
section 2.4 to obtain the specification of the path filter, the anti-aliasing and anti
imaging filters. Using the specification of the path filter, standard SC techniques are
used to design a single path filter. This filter is then converted to a finite gain
insensitive circuit and finally to a multi-path circuit. For testing purposes, the multipath circuit designed is converted to a programmable filter so that the number of
paths and the architecture of the multi-path circuit can be changed.
The functional blocks of this multi-path filter, such as amplifiers, switches,
buffers and clock generators, are then designed for the MIETEC 2.4 pm CMOS
[127] process. Since the capacitors are laid out on a 0.5pm grid, the fabricated
capacitor values are quantised. These quantised capacitor values are used to resimulate the design to verify that the results are still within the design
specifications. The functional blocks and the path filter are then laid out using
CADENCE EDGE [128] tools. The transistor level extraction of the layout is used
to obtain the parasitic capacitors, which is used in the post layout simulation and
verification.

3.2 STRATEGY FOR DESIGN AND IMPLEMENTATION
This section gives the details of the strategy used for the design, implementation
and fabrication of the demonstration filter. Using flow charts, details of the design,
implementation and verification of the UNB filter, the SC path filter and the
analogue functional blocks are explained. Some of the difficulties that are faced
with the implementation of mixed signal ICs such as the demonstration filter will be
highlighted first.
One of the main problems of implementing mixed signal circuits is the lack
of simulators that can be used to verify both the analogue and digital parts
simultaneously. While the simulation of digital circuits can be performed at various
levels of abstraction, (e.g. the transistor, switch, gate and system) for analogue
circuits it has been traditionally done at the transistor level using SPICE or SPICElike circuit simulators. These analogue simulators can take several hours to obtain a
result even for small designs that use just a few hundred transistors. On the other
hand, the digital simulators can work at much faster speeds by using event
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triggering higher levels of abstraction. Mixed signal ICs usually have a large
number of transistors and are generally impractical to be simulated using transistorlevel simulators. A few commercial mixed-signal simulators exist that synchronises
the switch-level digital algorithms with the transistor-level algorithms for analogue
portion of the design. They include, for example, ELDO by Anacad and MSS by
Contec Micro-electronics USA [129]. These simulators are relatively expensive
(over £10,000) and are not available for this project. The tools that are used for this
project include HSPICE, VERILOG and SWITCAP. Using these tools, a method
was developed to verify the demonstration filter and this will be explained in
detailed in the following sections.
The designed and verified demonstration filter is implemented using the
MIETEC 2.4|im CMOS, double poly, double metal process, and manufactured in
Belgium under the EUROCHIP initiative. This is a shrunken 3p,m technology,
where the shrink is done by a factor of 0.8 during masking. The layout, which is
done using CADENCE EDGE tools, is therefore based on 3pm technology on a
grid of 0.5pm. Since this is an n-well process, all substrate contacts for n-channel
devices must be connected to the lower supply potential. The digital ground (VSS)
and analogue negative supply (VSSA) are connected to the substrate and therefore
the on-chip digital logic will operate with logical ‘0’ being the VSS voltage. The
analogue circuit will operate at ±5V and the digital circuits will operate between
-5V and OV as shown in figure 3.1.

C

v+p

gnd O

p VDDA
O V D D ----logic

V- 0

SYSTEM

VSS- - - 1
VSSA
CIRCUIT

VDDA,VSSA - supply rails of analogue parts
VDD,VSS
- supply rails of digital parts

F igu re 3.1: Supply connection o f the circuit
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Flow chart for the design and verification o f the UNB filter
The steps taken in the design and verification of the UNB filter are summarised in
figure 3.2 and they will be described in the following text.

sp ea S o n )

\

Architectural design o f UNB system

Specification o f
me path filter

Specification of
the AAF & AIF

f ig u r e 2 .2 5

Design and
simulation

f ig u r e 2 .2 5

Design and
simulation

f ig u r e 3 .3

t

Simulate the
full UNB

Implementation
and simulation

Implementation
and simulation
I

o.

fig u re 3 .3

Comp^

Implementation &
simulation o f UNB

Fabrication o f UNB
d e ta ils in a n o th e r fig u r e

Figure 3.2: Flow chart for the design o f the U NB filter

The design of the UNB filter can be subdivided into the design of the SC
path filter, the AAF and the AIF. The SC-path filter design is shown on the left half
of the flow chart, whereas the AAF and the AIF designs are shown in the right half
of the flow chart. In this project, only the SC-path filter was designed and
implemented, but the design of the AAF and the AIF is included in the flow chart
for completeness. The interaction between the two design processes will therefore
be used for the full design of the UNB filter.
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The initial step in the design process is to obtain an architectural level
specification, which is labelled (A) in the flow chart. This process is described in
detail in section 2.4 (and summarised in figure 2.20) and gives the architecture and
specifications of the sub-blocks, namely the path filter, the anti-aliasing and anti
imaging filters (B, C). The path filter is designed using standard SC techniques and
simulated using SWITCAP2 [130]. The details of this design and simulation are
given in figure 3.3. The AAF and AIF are then combined with the path filters to
obtain a complete high level description of the UNB system (D). This system is
simulated using SWITCAP and verified to check that the system specifications are
met. If not, then one or more of its constituent blocks must be re-designed as
indicated by the paths (1) and (2). This might, for example, lead to changing the
gain of the path filter, so that the gain of the overall filter including the AAF and
AIF is equal to that set by the initial specification. When the design meets the initial
specification, the SC path filter is implemented and post layout simulations are used
to verify the layout (E). The post-layout simulation also gives the effects due to the
layout-parasitics. If the layout parasitics are too large, then the layout will have to
be modified to meet the specification (3). The path filter cell is then used with the
AAF and AIF cells to implement the UNB filter (F). The laid out circuit is verified
and extracted for further post layout simulations. When the system specifications
are met, the UNB filter is fabricated (G).
In this exercise, a hierarchical design and implementation was followed and
only the path filter was designed, implemented and fabricated. PCB techniques can
then be used to obtain and explore the UNB filter using the N*M-path architecture.
The AAF and the AIF can be implemented and combined with the N*M-path filter
to obtain the UNB filter system. Since the path filter can be designed and
implemented using different architectures (for example, using different types of
PNP filters), it was decided to use a programmable filter. This will allow us to
measure and compare the performance of different architectures and validate the
theory. It will also assist in selecting the best one for the UNB implementation. The
following sections explain the strategy used in the design, implementation and
fabrication of the SC path filter.
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Flow chart for the design and implementation o f the SC path filter
Figure 3.3 gives the flow chart that summarises the steps taken in the design and
implementation of the SC path filter.
Design

Simulation with SWITCAP
T3

t

Compare

Design of functional blocks (FBs)
f ig u r e 3 .4

Simulate full UNB

Layout and verification of the FBs
fig u r e 3 .4

T3

t

Extraction of models for SWITCAP

Simulation with SWITCAP

Compare

Layout and verification of filter
f ig u r e 3 .5

^

SC path filter

d e ta ils in a n o th e r f ig u r e

F igu re 3.3: Flow chart for the design and implementation o f the SC filter

The path filter is designed for the specification using standard SC
techniques. Since the SC ladder design inherits the low component sensitivity
properties from its analogue counterparts [4], it is used for this implementation. Its
frequency-domain response is simulated using SWITCAP, and compared with the
specifications (A). It is possible that some capacitor values may have to be changed
from the design values to fit the required specification. Therefore, the design and
simulation steps may have to be iterated more than once. This first stage of the
design, as indicated by the partition in figure 3.3, is implementation independent.
The second stage of the design includes the design and implementation of the
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capacitors and the analogue functional blocks such as the amplifier, switches and
the buffers (B-C). This is fairly complex and involved much design effort and time,
and is described in more detail in the next section. Once the analogue functional
blocks were designed and verified, SWITCAP representations of them are derived
(D). Simulated resistors and additional capacitors are used to reduce the bandwidth
of the amplifiers. These macro-models are then used to obtain a more realistic
simulation of the filter’s frequency response and are compared with the initial
specifications (E-F). If the results of these simulations fall outside the specification,
then the functional blocks must be redesigned. For example, the bandwidth of the
amplifier may have to be increased, or the switch resistances may have to be
reduced by using larger transistors.
The laid out functional blocks are then converted into cells and are used to
layout the SC path filter (G). The layout and verification of the SC path filter will
be described in more detail in the flow chart given in figure 3.5. After verification,
the SC path filter is converted to a cell, which can be used for the final UNB filter.
The implementation of the analogue functional blocks will now be described in
detail.
Flow chart for the implementation o f the analogue functional blocks
Design
T3

Simulation with HSPICE

t

Compare

^L ayou t & v e rific a tio n ^

t
Post layout simulation with HSPICE

Compare

Models for SWITCAP

Cells for the functional blocks

F igu re 3.4: Flow Chart for the implementation o f the Analogue Functional Blocks
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Figure 3.4 gives the flow chart that summarises the steps taken in the design
and implementation of the analogue functional blocks that are used to implement
the SC path filter. The analogue functional blocks are one of the crucial elements
used in this design exercise, since they are used as sub-cells in the layout of the SCpath filter. Standard cells of the amplifier and the buffer cannot be used in this
design since accurate modelling information was not available. Therefore,
considerable time and effort were spent on the design, implementation and
verification of these building blocks. All simulations were done using HSPICE, and
verified to ensure that they met the specification set derived from the first stage of
design given in figure 3.3 (A-B). The functional blocks are then laid out, with
particular regards to minimising chip area (C). The large transistors used in the
amplifiers and buffers are laid out as several transistors in parallel to minimise the
layout area. The layout is verified and extracted for post layout simulations (D), and
will be described in more detail in figure 3.5. The extracted file contains the layout
parasitics and therefore the simulation results are expected to differ from the pre
layout set. If these results fall outside the specifications, then the layout must be
changed (1). For example, the input transistors in the first layout had to be changed
to reduce the input parasitic capacitances. Using these simulation results,
SWITCAP models are derived (B). The bandwidth of the amplifiers is reduced
using a single pole. Macro-models of the MOSFET switches are derived taking the
parasitic capacitance and finite resistance into account. These models are then used
in the second stage of the path filter design (given in figure 3.3) to obtain more
realistic SWITCAP simulations. On average, these simulations took about 30
minutes on a SPARC station, and therefore were used only for verification. The
layout verification process that was used in the analogue functional blocks and the
path filter will now be described.
Verification o f the layout SC path filter
As described above, the transistor level simulation of the full circuit is not possible
and hence the final layout cannot be verified with post layout simulations.
Therefore an alternative strategy to verify the final circuit was used and this is
summarised in figure 3.5. The layouts of the analogue functional blocks are verified
with post-layout simulations. For circuits that cannot be verified with simulations,
the topology of the layout can be verified using a comparison tool in CADENCE.
Two netlists that are required for comparison are generated from a schematic and a
layout representation. Therefore, a schematic representation of the analogue
functional blocks was created and verified by the comparison tool (A-C). These
cells are then used to build a schematic representation of the full circuit (D). To
check that the schematic representation is correct, an independent verification is
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carried out. This is done by extracting a SWITCAP representation from the
schematic and using simulation results (E-G). The netlist generated from this
schematic is then compared with the netlist generated from the layout of the full
circuit (H). A match will guarantee that the topology of the layout is the same as
that of the schematic representation.

Layout cells of the FBs

Schematic of the FBs W

Netlist

^

Netlist ^

Compare

Layout of the full circuit

Schematic of the full circuit

Extract to SWITCAP

DRC

— :

f Specificationj

—

f Simulation J

Netlist

Compare

^

Netlist ^

Compare

Extraction of layout parasitics

Resimulation with SWITCAP

Compare

F igu re 3.5: Post layout simulation and verification o f the analogue functional blocks

A transistor level extraction with the parasitics is obtained from the layout so
that the effects of the parasitic capacitors are taken into account. The parasitic
capacitors at the relevant nodes are then used to update the SWITCAP
representation and the simulation results are compared with the initial specification
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(I). If they fall outside the specifications, then the layout must be modified. In the
circuit, the input nodes had to be re-routed to reduce the parasitics. Additionally,
the output buffers had to be placed closer to the outputs of the amplifiers to reduce
the load on the amplifiers. The final laid-out circuit is then fabricated (J).
Fabrication strategy
The designed circuits were fabricated in Belgium under the EUROCHIP initiative
using the MIBTEC 2.4pm CMOS double poly, double metal process. These
fabrications run approximately every two months and have a turn-around time of
about four months. In addition, full custom layout of these large chips is extremely
time consuming (my estimation for the time spent is about 24 man hours per square
mm). However, once the building blocks of the filter (such as the amplifiers,
switches, drivers, etc.) are laid out, the incremental time that is required to make the
full filter is relatively small when compared to the actual time needed to design and
layout these building blocks. Therefore, it was considered worthwhile to fabricate
the test structures for the building blocks, single-path and multi-path filter on a
single IC, which will be denoted UNB#1. However, due to a technical fault that will
be described in detail in section 4.2.3, few measured results were obtained from this
IC. To minimise further risks, it was then decided to separate these structures and
fabricate several ICs. Accordingly, a second IC with the functional blocks (UNB#2)
and a third with the digital clock generator and control logic (UNB#3) were
fabricated and tested. The measured results and the conclusions drawn from them
are used to layout a fourth IC (UNB#4) with the first order test filters and a fifth
(UNB#5) with the third order single path and multi-path filters. In all over 60
square mm of silicon was laid out (estimated at 1440 man hours!) which were
fabricated and tested. The floor plans, the chip photographs and the test results will
be given in section 4.1.
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3,2 HIGH LEVEL CIRCUIT DESIGN
This section gives the high level design of the UNB filter that is independent of the
implementation. It uses the methodology given in section 2.4 to draw the
specification of its constituent path filters, the AAF and the AIF. As shown in
section 2.4, the specification of the UNB filter is:
desired UNB Q:

Qd=1600 (RBW=0.0625%);

centre frequency: fo=3.395MHz;
dynamic range:

Dd=35dB;

sharpness:

Qs,d=61%.

Since the architectural design steps are given in section 2.4, the following
section only refines these steps and summarises the results.

3.2.1 R efinem ent s te p s for UNB architecture
The first design example given in section 2.4.3 is refined and a detailed
specification of the building blocks drawn in this section so that they can be
designed using standard SC techniques. The example showed that the filter can be
implemented using an N*M-path architecture with Np=30, Nreal=6, Mpnp=5 and
bopt=76. From these, the specifications of the SC path filter and the AAF & AIF can
be drawn.
SC path filter
Following the design steps given in section 2.4.3, the following specification was
derived for the single-path filter:
fs,sp/fpb,sp

84.2

passband ripple

0.61
0.1 dB

stopband attenuation

-35dB

fpb,sp/fsb,sp

amplifier settling time (to 0.1 %) 0.35|lis
The single-path filter is designed for the above specifications and it is then
converted to a PMP filter, where M=5, and to an N*M-path filter with N=6. It was
also shown that the sampling frequency of the PMP filter must be 446.71kHz to
obtain the required frequency response. The sampling frequency of the N*M-path
filter (and the operating frequency of the PMP filter) is therefore 2680.26 kHz. This
will give an alias and an image response that is located at fg of 3.395MHz, which is
selected by the AAF and the AIF. The centre frequency of the corresponding
bandpass response at the baseband of the N*M-path filter is located at 142.95kHz.
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A separate SC -FIR filter m ust be used w ith the N *M -path filter to suppress the
lowpass and the other bandpass responses in the baseband of the N *M -path filter.
A A F & A IF
It w as show n from the design procedure given in 2.4.4, the selectivity o f the
required A A F required is 36.84% , sam ple-and-held attenuation of the selected band
is -14.57dB and the required decim ating (and interpolating factor) is 14. This
assum es that the low pass continuous tim e filters used are forth-order B utterw orth
filters, which have a -3dB bandw idth o f 10.1 M Hz. Since the sam pling frequency of
the N *M -path filter is 2680.26kH z, the sam pling frequency o f the UNB filter is
37.52M H z. T he alias response bands are located around k/5fg, w here f§ is the
sam pling frequency o f the PN P filter and k=30/±8 (/ is an integer). All the alias
bands up to k=382 (/=44), except the one for k=38, m ust be elim inated by the
decim ating filter. Beyond this, the continuous tim e filter will attenuate the aliases to
the required level. The alias responses that m ust be elim inated are illustrated in
figure 3.6
ri=f^5=446.7105kH z

continuous time filter
removed by
the decimator

removed by
the decimator

removed by the continuous time filter

+
368fi

382fi

398ti

412fi ^

frequency

sampling frequency
of the UNB filter

Centre frequency of the UNB filter

Figure 3.6: The mask for the AAF & AIF

The AIF design is sim ilar, except that at fo, the gain is 14.57dB.
UNB filter
Figure 3.7 gives the architecture and the clocking schem e o f the UN B filter.
M A TLA B [195] sim ulations have shown that the specifications o f the single-path
filter can be m et by using a 3*‘‘I-order elliptical filter. T his will require three
am plifiers. The com plete design o f a single-path filter given in section 3.3, shows
that the num ber of unit capacitors required is 101. As show n in section 2.5, this is
used to obtain an approxim ate size o f the single-path filter, w hich is calculated as
1.2mm^. The size of the P5P and the N *M -path filters will therefore be 2.1m m ^ and
12.6m m ^ respectively. Follow ing a linear scaling that was explained in section
2 .5 .1 ,

th e

a p p ro x im a te

size

of

the

AAF

and

the

A IF

r e q u ire d

is
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(2.8x14/24x80/3.6)=3.6mm2. Therefore, allowing 0.3mm^ for the other functional
blocks, such as the clock generator and the continuous time filters, the size of the
UNB filter is expected to be bmm^.
PNP-1

1

PNP-2

2

AIF

PNP-3

3'

interpolating

PNP-4

4'

AAF

input
O—r

O o
8 4 fs

decimating
filter

output
O o
8 4 fs

fo = f s * 3 8 /5

PNP-5

"h

fo = fs * 3 8 /5

1

5

PNP-6

6~

fs=446.71kHz

1

2

3

4

5

4

Î5

6

1

-fs-

N*M-path
sampling frequency

I

t

II

I2

1 I
I3

t

lô

1

1

Î

I

-6fs-

F igu re 3.7: The architecture o f the U N B filter

Unfortunately, not enough information was available either from simulations
or from measured results to predict the dynamic range of the designed UNB filter.
This is therefore left for further work. However, a single-path filter with a dynamic
range of 46dB was reported in [39] for a Q of 55. The dynamic range of the single
path filter implemented is expected to be similar and therefore the dynamic range of
the P5P filter is expected to be greater than the required 35dB.
The following section describes the design and implementation of an SCpath filter. This filter was designed alongside the development of the design
methodology (and before its formalisation), and therefore some of the specifications
of the path filter do not match the required specification of the single-path filter.
Specifically, the designed fpb,sp/fs=l/100 (required fpb,sp/fs= 1/84.2) and the
amplifier settling time is Ifis (required settling time is 0.35fxs). Nevertheless, the
design procedure and the precautions taken are sufficiently close to those which
have been described and hence the methodology can be used with complete
confidence in other designs.
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3.2.2 Sw itched capacitor filter design
The specification for the designed SC path filter is:
fs,sp/fpb,sp

100

fpb,sp/fsb,sp

0 .6

passband ripple

0.1 dB

stopband attenuation

-40dB

amplifier settling time (to 0.1%)

1\is

The SC filter is designed using a ladder synthesis based on the LDI s-to-z
transformation [4,131]. The LDI transformation, which does not perfectly maintain
the filter characteristics on the s-domain, is much simpler than the more exact
bilinear transformation and results in an SC circuit with fewer components.
Additionally, the bilinear transformed SC circuits are parasitic sensitive, although
with additional components, parasitic insensitive circuits can be realised [4]. The
LDI transform, however, maps only a portion of the jco axis in the s-domain (±C0s/7t,
(Os is the sampling frequency) onto the unit circle in z-domain, which results in
errors in the transfer function. For low pass prototypes used to obtain high-Q filters
using PNP techniques, (oTg «

1 (Tg is the sampling period), and therefore the

errors introduced are small (wTg «1/600 in this implementation).
LC prototype
An LCR prototype filter that closely fits the specification is given in figure 3.8
[132].
C2
C I = C 3 = 1 .0 0 2 9 4 3
€ 2 = 0 .0 3 4 4 9 6
L 2 = l.107291
R s = R l= l

L2

Vin

C3

Figure 3.8: The LCR prototype o f the path filter (C0315, Q s=4.4)

Schematic o f the single-path SC filter
The prototype is converted to an active RC filter by obtaining the state equations
and the corresponding signal flow graphs. This is then converted to an SC filter
following similar procedures given in the references [4,34,133]. The schematic
diagram of the SC filter is given in figure 3.9.
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de
c2c
c ld
c3dx
c2b

0-[

c3b
c3ax

c2a

_f?LJ"ôUFIU3lJTLJ"ôLJFL_rôLrêT__fô1
Figure 3.9: The single path SC filter

S W IT C A P sim ulation is then used to verify the design. V oltage scaling
follow ed by capacitor scaling is then used to m axim ise the dynam ic range and
m inim ise the capacitan ce spread o f the filter [4,34]. It was found that the
capacitance spread and the total capacitance increased w hen voltage scaling was
carried out. T able 3.1 gives the values o f the initial set o f capacitors and their
m odified values after scaling. As seen, there is a 27% increase in the capacitance
after voltage scaling. This is a substantial increase, and therefore it is recom m ended
that voltage scaling should not be carried out unless required by dynam ic range
considerations.

Table 3.1: Capacitor values of the SC filter
Capacitor

Before scaling

„ After scaling

c la

23.2323

28.8179

c ib

1

1.679

c lc

1

1.2404

c ld

1

1.2961

c le

1.1796

1

c2a

24.2173

37.0249

c2b

1

1.4632

c2c

1

1

c3a

23.2323

23.2324

c3b

1

1.5288

c3c

1.1796

1.7260

c3d

1

1

Total units

80TW

101.37

Sensitivity to the capacitor variations
T he first order relative sensitivity

o f the frequency dom ain transfer

function H(co) with respect to the param eter a is given by:
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ç//(cü) _ g 3//(co)
“
//(co) d a

(3.1)

U sing this equation, it is possible to find the sensitivity o f the frequency dom ain
am plitude to the capacitor variations. SW IT C A P w as used for this analysis to
obtain the sensitivity o f the peak am plitude to the capacitor variations. F urther
sim ulations were carried out to obtain the sensitivity o f the -3dB passband edge to
the capacitor variation. The results are given in table 3.2.

Table 3.2: Sensitivity o f the peak am plitude and -3dB frequency to the capacitors
Sensitivity

c la

c lb

c lc

c ld

c le

c2a

c2b

c2c

c3a

c3b

c3c

c3d

S(peak ampi)

0.5

1.0

0.5

0.7

0.0

1.0

0.8

0.7

0.5

0.7

0.0

0.5

.4

1.3

1.0

0.9

0.0

2.5

1.9

0.8

1.3

1.8

0.

0.9

S(f-3db)

The largest sen sitiv ities are highlighted. As show n in the table, the
m axim um sensitivity of the capacitor variation to the am plitude deviation is 1 and
to -3dB frequency variation 2.5. Since two lowpass responses are used to obtain the
bandpass response in the PN P filter, the -3dB Q sen sitiv ity o f the bandpass
response will be 5. Therefore, assum ing a 0.1% capacitor variation in fabrication,
there w ould be a m axim um Q variation o f 0.5% (i.e. bandpass Q will be betw een
49.75 and 50.25)
Conversion to a program m able m ulti-path F G I filter
The single path SC filter was then converted to a pseudo-N -path program m able SC
filter by exchanging the integrating capacitors for sw itched capacitor banks. To
reduce the effect o f the am plifier gain, the Finite Gain Insensitive architecture, that
is based on the Sam e Sam ple Correction principle [106] was used. U sing additional
clocks, this structure enables the circuit to be configured betw een the FG I and
conventional architectures. A dditionally, each sw itch in the ca p ac ito r bank is
controlled by an external clock. This flexibility, which is achieved using 24 clocks,
enables the circuit to be configured betw een the conventional and the FGI form of:
(a)

circulating delay type PN P filter (N variable from 2 to 7)

(b)

RA M type PN P filter (N variable from 3 to 5)

(c)

im proved circulating delay type PN P filter (N varied betw een 3,5 & 7).

Figure 3.10 gives the program m able SC filter, which can be configured to 26
different circuits (including the single path circuits). For the design specification
given in section 3.1, the configuration o f the path filter will be a circulating delay
type, FG I PN P circuit w ith N=5.
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F igure 3.10: The programmable FGI multi-path SC filter
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3.3 DESIGN AND IMPLEMENTATION OF THE SUB-BLOCKS
This section describes the design and implementation of the separate functional
blocks of the SC path filter.

3.3.1 Program m able clock g e n erato r design
The reconfigurable SC test filter requires 24 independently programmable clocks.
These clocks can be implemented using external logic, such as a 24-bit EPROM,
but this would increase the number of I/O pins and the number of external
components required to test the filter. Additionally, the final aim of this exercise is
to implement a full UNB system in a single integrated IC. Therefore, it was decided
to include a programmable clock generator in the design. This would reduce the
number of I/O pins and would highlight the problems associated with incorporating
digital processing elements in a single substrate. To reduce the amount of external
logic in the test structures, it was decided to include most of the control logic within
this clock generation circuit.
In the first design (UNB#1), both the digital and analogue parts were
included in a single IC. As discussed in the section 4.2.2, few measured results
were obtained from this IC for the analogue sections. However, the digital sections
were tested and the results showed that it worked as expected. As shown in section
4.2, one of the main conclusions reached from these preliminary results was that it
was advisable to separate the digital and analogue sections into separate ICs for the
demonstration filter. Therefore, a separate digital IC was designed and fabricated.
The layout of this IC was I/O bound, and therefore a ROM was included in the
second design to assist in testing the analogue and digital parts. The following
sections describe in detail this second design, which was fabricated as the digital
clock generator and control logic IC (UNB#3).
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Block diagram o f the programmable clock generator circuit
We will now describe the operation of the programmable clock generator circuit,
for which the block diagram and a timing diagram are given in figure 3.11.

ROM

mux

Clock
Multiplexer

D 0-D 5

clocks 1-24

clock
control
logic

contol

7-bit
counter

A 0-A 6

data
address
clocks

K

X

A2

X

A3

X

AO

X

A1

X

A2

)

X

F igu re 3.11: The block and timing diagrams o f the programmable clock generator circuit

Using the control logic, 6 data inputs are multiplexed onto 24 output clocks. The 6
data inputs can be supplied from an external 6-bit EPROM or from any digital
source for test purposes. The clock multiplexer circuit would have to acquire data at
4 times the maximum speed of the output clock. A programmable 7-bit counter is
implemented to control the number of paths and to provide the necessary addresses
for the external EPROM. To ease the testing of the filter and the clock generator, a
small ROM is also included. When the clock generator is set to the test mode, the
ROM provides the necessary data to generate the clocks that will configure the
circuit to a pseudo-3-path circulating delay filter. The clock generator and the filter
can therefore be tested for one configuration without any external inputs to D0-D5.
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The clock multiplexer
Figure 3.12 gives the block and the timing diagram of the clock multiplexer circuit.
As shown, using 2 address lines, the 6 data inputs are latched onto 24 buffers
(Buffers-1). The output of these buffers is further buffered and controlled by a
signal labelled UPD in figure 3.12, so that the 24 outputs will change
simultaneously after every 4 clock cycles.
Buffers -1

Buffers - 2

D0-D7
B uffers

AO-Al

clkl-1

decorder

B uffers

B uffers

CLK

clk25-32
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2 to 4
dec o rd er

AO-Al
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)—[>o)— t > o

> phib

B4 UPD
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addrdcc

Bu(Ters

data
address

>X

-(

do

)T ~ D I

)(

D2

{

AO

)(~ M

) ( a 2

I
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X D5 X
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X

A3

y

X

A2

AO

Al

^

)

I B3

UPD
clocks

a
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F igu re 3.12: B lock and timing diagrams o f the clock multiplexer circuit

Simulation
The functionality of this digital clock generator circuit was verified using the
VERILOG simulation tools in CADENCE. All parts of the circuit and different
modes of operation were simulated.
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3.3.2 C apacitor desig n
Errors in the fabricated capacitors result from two main sources, namely the
parasitic stray capacitances and capacitor inaccuracies [88]. The deviation of the
response resulting from the stray capacitors can be overcome by using a parasitic
insensitive architecture [14]. The capacitor inaccuracies, which result from the
variations of the capacitor dimensions and the oxide thickness, are more difficult to
overcome. Systematic variations such as the undercut, fringing and the oxide
thickness gradient were minimised by designing all capacitors based on a unit
capacitor [20]. Errors resulting from effects such as the large scale distortion
(resulting from local etching-rate variations), random edge variations and corner
rounding can be minimised by scaling the last non-unit sized capacitor as given by
equation 3.2 [4].
W =

- aj
(3.2)

L =
where Wu and

-aj

are the unit sized capacitor dimensions, and a = WU(WuLu).

Figure 3.13 shows the expected relative capacitor errors due to random effects [4].

local effects

§

overall RMS error

CQ
global effects & local
oxide variations

global oxide effects

0 .2 -1 .0 p F

C (log scale)

Figure 3.13: Expected relative capacitor errors due to random effects

As shown, the cross-over point lies in the range 0.2-1.0pF. For capacitor
valued above this range, the global effects are dominant, and for values below this
range, the local effects are dominant.
The above description of the capacitor errors is based on theoretical
calculations [4]. Due to the lack of information on the process variations of the
MIETEC 2.4 technology, it cannot be verified that the errors described above will
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be applicable for this process. H ow ever, precautions are taken that will m inim ise
the theoretical errors. For this im plem entation, the range o f unit capacitors w here
the overlap occurs, lies for the preshrunk values o f W = L = 2 0 |im to 50pm [20].
T herefore, a m edium figure o f 35pm was chosen as the dim ensions o f the unit
capacitor, giving its shrunk size of about 400fP.
Im plem entation for M IETEC 2.4 process

Table 3.3: Capacitor values of the SC filter (the dim entions are for pre-shrunk)
Capacitor

Nominal

Units

Ll

wi

27

225

99

1. 518

21

99

0.678

F inal V a lu e/p F 2

c la

28.8179

c lb

1.697

c lc

1.2404

24.5

62

0.496

c ld

1.2961

25

625

0.518
0.400

c le
c2a

37.0249

c2b

1.4632

36

31

40.5

14.798

22

81.5

0.585
0.400

c2c
c3a

23.2324

2&5

57

9j#6

c3b

1.5288

24

78

0.61

c3c

1.7260

225

94

0.690

22

0.400

c3d
Total

101.37

89

40.380

1- pre-shrunk dimentions; 2-shrunk values

The M IE T E C 2.4 process restricts the layout to a grid o f 0.5pm . T aking this
restriction into account and using (3.2), table 3.3 gives the final capacitor values
and dim ensions. The third colum n gives the num ber o f unit capacitors needed,
w hile the forth and fifth colum ns give the dim ensions o f the non-unit sized
capacitor used. The m axim um error betw een the final value and the nom inal value
was found to be 0.032% . This is well below the 0.1% tolerance in fabrication and
therefore the capacitor truncation will not effect the accuracy of the filter. The total
capacitance is 40.38pE, which is im plem ented as 89 unit capacitors and 9 non-unit
capacitors.

3.3.3 Amplifier design
The am plifiers are one of the key elem ents in an SC filter. They affect the SC filter
perform ance by introducing errors when a charge is transferred betw een capacitor
plates and by introducing noise into the system . It has been established that the
settling time o f the am plifiers is one o f the m ost significant lim iting factor for SC
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filters [47,77]. In addition, other non-idealities such as DC gain and offset, noise,
common mode and power supply rejection are also important [73].
The amplifiers used in SC circuits are usually operational transconductance
amplifiers (OTAs) as opposed to operational amplifiers (OAs). This is because
OTAs, when driving capacitive loads, are capable of providing a wider bandwidth
and therefore a faster settling time. Both in OAs and OTAs, a higher gain can be
achieved using two or more gain stages. For stable operation, however, these
circuits must be compensated, which is achieved using an internal load capacitance.
However, when used in an SC filter, the effective load capacitance varies with
clock phases. To reduce the effect of this variation, a large compensation capacitor
is required, whose size can become impractical [20]. Therefore, single stage
amplifiers are usually used and cascoding techniques are used to increase the DC
gain [134]. One of the drawbacks of a single stage amplifier is that its slew rate is
highly sensitive to the load capacitance since it provides the dominant pole for the
AC response [135-136]. If the load capacitance for different phases varies widely,
then the settling time also varies, which makes it difficult to optimise the amplifier
for settling time considerations. The effective load capacitance for an OTA with an
input (Ci), feedback (Cf) and a load capacitor (Cl ) is given by [104]:
^ejf - ^ L '^ Q +

(3-3)

It was found that, for the single path filter (given in figure 3.9), the load capacitance
is about 0.4pF, and for the multi-path filter it varied between lOpF and 15pF,
depending on the clock phase. Further analysis showed that the settling time for the
amplifier will be dominated by the slewing rather that the AC small signal settling
time. Additionally, to test the effectiveness of the SSC-FGI circuit, a variable gain
amplifier is required. Following these analyses, the key specifications of the
amplifier are drawn as:
Specification
DC Gain
Unity Gain Bandwidth
Slew rate for 15pF load
Input offset voltage

variable from 5000 to 200
6MHz
3V/|LIs

< lOmV

Amplifier circuit design
One of the main challenges in the design of the amplifier was to obtain the required
high slew rate and the large DC gain simultaneously. A single stage architecture
was used to obtain wide bandwidth and high DC gain was obtained using cascode
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current mirrors. Dynamic biasing techniques have been used in the past to obtain a
higher slew rate [78], but these circuits would add complexity to the design, and
therefore a large output stage was used to obtain the required high slew rate. This
will increase the dynamic power consumption of the amplifier, but it can be
tolerated in this test design. In the future versions, dynamic biasing techniques can
be used to reduce the power consumption. Variable gain was achieved by using a
FET for shunting the AC output current at the two cascode points at the output
[185]. This allows the DC gain to be varied, while maintaining the same DC
operating conditions. The amplifier requires four bias voltages, and a diode chain
was used to generate them. Figure 3.14 shows the schematic representation of the
amplifier used.
+5V

204/12

+1V
100/4

100/4

Vin+
-IV -

3 1 — ° +3V

204/12

1200/12

Vin600/12

240/12

48/12

60/12

60/12

-5V

F igu re 3.14: Schematic diagram o f the variable gain amplifier

Simulation
Extensive simulations were carried out on the amplifier circuit using HSPICE. Its
frequency and time domain analysis showed that the design meet the required
specifications. The results are presented in section 4.3.1 where they are compared
with the measured results.

3.3.4 T ransm ission g ate and driver design
Transmission gates
The finite turn-on resistance (Ron) of the switch introduces an RC time constant
when a capacitor is charged through an FET-based switch. Therefore Ron should be
low enough for the capacitor to be charged typically to 0.1% of the final value.
Taking the maximum operating frequency to be 500kHz, and using [4]:
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(3.4)
the maximum resistance of the switches for a maximum capacitance of 15pF is
calculated as 6,6kD. Then using [137],
1

(3.5)

=

W/L must be greater than 1.3 for an N-type transistor and therefore, a W/L ratio of
2 will be used.
It was decided to use transmission gates with identical sized transistors to
minimise the clock feedthrough (CLFT) [52]. Since the transistors are identical in
size, the overlap parasitic capacitance associated with the P- and N-type transistors
will be similar. Therefore, if the rising and falling edges of the driver (for N- and Ptype transistors respectively) coincide, then the charge associated with the overlap
parasitic capacitors will simply be transferred among those of the N- and P-type
transistors. However, from the measured results, it was found that this form of
compensation was not sufficient for PNP filters. CLFT is therefore analysed in
section 4.4.2 and ways of further compensating for the CLFT in the PNP filters are
discussed.
Drivers
Drivers were designed to convert the digital signals from the clock generator to
±5V to drive the transmission gates. The block diagram for the driver is shown in
figure 3.15. The transistor sizes are chosen to make the rise and fall times similar.
The simulated power dissipation of the driver is 0.4mW when clocked at IMHz.
The simulation results are shown in section 4.3.1 where they are compared with the
measured results.

elk

elk

F igu re 3.15: Block diagram o f the transmission gate driver circuit
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3.3.5 O utput buffer desig n
Since the amplifiers used in the circuit have a high impedance output stage,
they cannot drive the output pads, and therefore low impedance buffers are used.
Ideally the impedance of the buffers must be 50^2, but calculations showed that the
transistors required and the power consumed to realise such a buffer are too large.
Since for this project, high-impedance probes (Z>10kQ for frequencies below
lOMHz [196]) were available, they can be used to drive the signals of the chip
without using buffers with 50G impedance. Therefore, buffers with a nominal
impedance of lOOQ were designed. While this is not ideal, the resulting mismatch
can be eliminated by calibrating the network analyser before measurements (see
section 4.1). This buffer requires an output stage with a W/L ratio of 560/1 and a
1mA drive current. The schematic diagram for the buffer is given above in figure
3.16.
+5V
ImA
Vin

6 X 2 8 0 /3

Vout

3 0 /5

-5V
F igu re 3.16: Circuit diagram o f the buffer

2 8 0 /3
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3,4 CIRCUIT LAYOUT
T his section gives details of the layout and explains the precautions taken to
m inim ise lay o u t-asso c ia ted p arasitic effects, such as noise injection, clo ck
feedthrough, etc. The sim ulation results of the post-layout sim ulations are not given
in this section, since they are presented in section 4.3, w here they are com pared
with the m easured results.

3.4.1 Functional block layout
The clock generator
The schem atic description o f the clock generator circuit is converted to standard
cell layout using the auto-routing algorithm s o f the C A D EN C E tools [128,138].
T his procedure generates a com plete design w ith the I/O pads. The parasitic
capacitors are extracted and inspected to check for any abnorm ally large values.
These are due to the large inter-connecting tracks that were generated by the routing
algorithm s. Any such tracks are re-routed m anually to reduce parasitic capacitance.
Post layout sim ulations were done on this final circuit to verify the layout o f the
clock generator. The core of this design is isolated and a separate cell created. This
cell can then be used in the m ixed signal IC as the digital clock generation circuit.
Table 3.4 gives the detail of this clock generator cell.

Table 3.4: Clock generator
j

Value

N umber of standard cells

177

Estim ated number of transistors

2880

Size of the core cell

4,335,000 sq. pm

The capacitors
Figure 3.17 shows the layout o f the unit capacitor used in the design. The layout
size is 35|im 2, which gives a nom inal value of 392fF (taking into account the 80%
shrinkage done during fabrication). Extra stubs on the top layer o f polysilicon
(poly-2) are used so that, w hen these unit cells are abutted to create a larger
capacitor, a continuous layer o f interconnected poly-2 is form ed. It also has the
effect o f reducing the error caused by the m isalignm ent of the two polysilicon
layers during fabrication [194]. This is because the overlap betw een the two layers
rem ains constant for small lateral slips betw een the polysilicon m ask layers. The
final shrunk value of this unit capacitor is nom inally 400fF.
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polyl
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F igu re 3.17: Layout of the unit capacitor

Large capacitors are made by joining several o f these unit cells. For each of
these capacitors, the final non-unit sized cell is laid out separately. For these non
unit sized capacitors, the size o f the stubs is also scaled to conserve the capacitor
ratios. To reduce the noise injection from the substrate, all the capacitors are place
in separate grounded N-wells.
The am plifier
C areful layout is required for the am plifier, since it is a key functional block in SC
filters. The following precautions were therefore taken in the layout of the am plifier
to optim ise the rise tim e, overshoot, the frequency response and offset voltages.
•

The am plifier is arranged to m inim ise the line lengths, especially for
high im pedance outputs.

•

The inputs and the output lines are well separated to avoid spurious
feedback effects.
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•

The input and load devices are placed at close proxim ity to avoid
system atic errors in the threshold voltages, which w ould result in an
unwanted offset voltages.

•

The input transistors are shielded by a guard ring to reduce noise
injection from the substrate.

•

The pow er supply is separated from the other supply lines and are
shielded from the substrate by a grounded polysilicon layer.

Post layout sim u latio n s show ed slight d ev iatio n s from the designed
characteristics due to additional parasitic capacitors. They are, however, still within
the required specifications. Table 3.5 gives the summ ary o f the am plifier cell.

Table 3.5: Am plifier Cell
Value
N u m ber o f transistors

13

P ow er con su m p tion

3 .7 4 m W

S iz e o f the core cell

3 3 7 ,0 0 0 sq. gm

The transm ission sate and the driver
The transm ission gates were carefully laid out so that the parasitic capacitances on
both the N- and P-type transistors are similar. It was decided to use a driver for each
tran sm issio n gate to reduce the clock skew caused by unbalanced parasitic
capacitors on the com plem entary clock signals. The drivers were laid out so that
they can be placed close to the transm ission gates and the track lengths o f the
com plem entary clocks were m ade approxim ately equal to ensure that they both
have sim ilar p arasitic capacitances. Post layout sim ulations show ed that the
parasitic capacitances increased the clock delay and reduced the rise and fall tim es,
but they are still w ithin the required specifications. Table 3.6 shows the detail of the
laid out transm ission gate and driver cell.

Table 3.6: Driver/transm ission gate cell
P ftra in e ter
N u m ber o f transistors

14

D y n a m ic P ow er con su m p tion (IM H z )

0 .4 m W

S iz e o f the core cell

13,740 sq. gm

The output buffers
To reduce the total chip area, the output transistor in figure 3.16 is laid out as 6
transistors in parallel, w ith the adjacent transistors having a com m on drain or a
source track. The resulting buffer cells have a m uch squarer dim ension, and
therefore, the area lost when these buffers are used is m uch smaller. One buffer is
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laid out w ith the controlling current source and the controlling voltage is shared
w ith the rest o f the buffers so that they have the sam e characteristics. Table 3.7
shows the details o f the laid out buffer. The figures given in the brackets show the
values for the buffer with the controlling current mirror.

Table 3.7: Buffer cell
Parameter

Value

N u m ber o f transistors

6(7)

P ow er consu m ption

10(ll)mW

S iz e o f the core c ell

2 7 ,4 1 0 sq. g m

3.4.2 Filter layout
W hen the filter was laid out, extrem e care was taken to separate the digital and the
analogue parts of the filters. Separate pow er supplies and ground lines were used to
reduce spurious noise injection on the analogue supply lines. In addition, the
am plifiers w ere supplied w ith separate pow er lines that w ere shielded from the
substrate w ith a grounded polysilicon layer. It was ensured that no digital clock
signals run in parallel with either analogue or pow er lines. To reduce the chip area,
the digital tracks were places as close as possible. This has a potential disadvantage
of cross-talk, but in this design these problem s are not anticipated since it has been
show n that the cross-talk is negligible for technologies that uses m ore than 2 |im
track widths [139]. These digital tracks were surrounded by a grounded m etal ring
to reduce the noise injection to the substrate. In the case where a digital clock signal
crosses over an analogue signal line, the analogue lines are shielded as show n in
figure 3.18.
p o ly l fo r e lo c k ^
metal 2 for signal lines

grounded m etal 1 for shielding

Figure 3.18: Sh ield in g o f the an alogu e lin es from the digital cro sso v er lin es

A dditionally, all the input lines o f the am plifiers are shielded from the
substrate noise by a grounded polysilicon layer underneath the m etal tracks. It is
also isolated from the output lines by running grounded parallel m etal tracks on
either side o f the input lines. W hen capacitors are connected either directly or
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sw itched to the am plifier input, it is ensured that the top plates are connected to the
input. T his is because top plate is m ore im m une to noise injection from the
substrate since its parasitic capacitance it low er than that o f the bottom plate [4].
This is illustrated in figure 3.19.

le c d b a c k
c a p a c ito r

a n a lo g u e g ro u n d

p- su b stra te

Figure 3 .1 9 : S h ield in g tech nique for the capacitors

The outputs are places as close to the pads as possible to reduce the coupling
noise from the substrate and the pow er tracks are m ade as w ide as possible to
reduce its resistance. The tables 3.8 and 3.9 gives the details of the laid out single
path control circuit and the program m able m ulti-path filter.

Table 3.8: Single path filter
Parameter

Value

N u m ber o f transistors

71

N u m ber o f unit capacitors

101

P ow er con su m p tion (IM H z )

2 9 .2 m W

S iz e o f the core cell

1. 16 sq. mm

Table 3.9: M ulti-path filter
: Parameter

<

h A

,

Value

N u m ber ot transistors

789

N u m ber o f unit capacitors

205

P ow er con su m p tion ( 1M H z)

9 2 .4 m W

S iz e o f the core cell

4 .6 4 sq. mm

.
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3.5 CIRCUIT VERIFICATION
The laid out filters were verified using the verification tools and the procedure
described in section 3.1. A SPICE netlist, including the parasitic capacitors, was
then generated from the extracted layout. This netlist is used to update the
SWITCAP models used for further simulations. The post-layout simulation results
were used to derive a SWITCAP model of the amplifier.

D.
ideal

+++ FGI

-10
000

-12^------ 11 9 .7 5

19.1

19.85

19.9

conventional

20.05
19.95
Frequency /kHz (Fs=60kHz)
:60kHz)

20.1

20.15

20.2

20.25

F igu re 3.20: Simulation results o f the circulating delay pseudo-3-path filter

The model used gives an amplifier gain-bandwidth product (GBW) of
6MHz. This amplifier was used together with the layout parasitic capacitors to
simulate the filters using SWITCAP. Figure 3.20 gives the simulation results of the
multi-path filter when configured as a circulating delay pseudo-3-path filter. The
sampling frequency used is 60kHz and therefore the first bandpass response is
located at 20kHz. The figure shows the responses for the SSC-FGI and the
conventional circuit for an amplifier gain of 60dB, and compares them with the
ideal response (with a Q of 51.75). It shows that, even for amplifier gain as high as
60dB and the number of paths as low as 3, the output of the conventional circuit is
distorted while that of the SSC-FGI circuit is virtually indistinguishable from the
ideal. The conventional circuit has a Q deviation of 8.6%, an fg deviation of -0.1%
and an insertion loss of 3.1dB. Similar figures for the SSC circuit are a Q deviation
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of 0.04%, an fo deviation of -0.002% and an insertion loss of O.OldB, none of
which can be easily detected using the available equipment.
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F igu re 3.21: Percentage deviation o f the centre frequency o f the filter with amplifier gain

The effect of the amplifier gain on the centre frequency, Q and insertion loss
of the PMP filter, which are all important when used in the N*M-path filter
architecture, was further analysed. This was obtained for the circulating delay P3P
filter with FGI and conventional configurations and a sampling frequency of
60kHz. Figure 3.21 shows the percentage deviation of the centre frequency when
the amplifier gain is varied between 40dB and 80dB. The SSC-FGI circuit shows a
deviation of about 0.01%, whereas that of the conventional circuit is over 0.5%.
The effect of Q (measured at -3dB point of the pass-hand response) is more
dramatic for the conventional circuit. Figure 3.22 shows the deviation of Q with
gain, where the conventional circuit shows a large Q-enhancement for low values of
amplifier gain. (For lower gains, the trend goes negative showing a Q degradation.)
The maximum Q deviation in the conventional circuit is 17%, whereas for the SSCFGI circuit it is only 0.26%. Figure 3.23 shows the changes in insertion loss when
the gain is varied. As shown, the insertion loss for the conventional circuit is nearly
-17dB for the amplifier gain of 40dB, whereas the insertion loss for the SSC-FGI
circuit is -0.77dB. These results show a marked improvement in response when the
same sample correction technique is applied to pseudo-N-path filters.
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F igu re 3.22: Percentage deviation o f the Q o f the filter with amplifier gain
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F igu re 3.23: Insertion Loss o f the filter with amplifier gain

The single path filter was further simulated using HSPICE. Since SC filters
are time-varying systems, it is not possible to obtain a frequency response directly
from HSPICE simulations. Instead, time domain transient analyses have to be
performed at several frequencies to obtain information about the frequency
response. To reduce the simulation time, a level-1 transistor model was used. Even
then, each simulation took about 40,000 cpu seconds on a SUN IPC SPARC
station. To obtain similar simulation results from the full PNP circuit was therefore
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not practical. Table 3.10 gives the results obtained for the single path circuit and
com pares them w ith those obtained using SW ITCA P. As shown, there is close
agreem ent with that obtained using SW ITCAP.

Table 3.10: Com parison o f H SPIC E/SW ITC A P sim ulations

F r^ n c y
/kHz

Gain in
SWITCAP/dB

Gain in
H ^IC E /dB

2.0

(passband)

-0.55

-0.54

4.0

(transition band)

-18.4

- 18.6

(stopband)

-42.4

-38.1

10.0

3.6 SUMMARY AND CONCLUSIONS
The design and im plem entation of a UNB filter using the N*M -path FT architecture
has been described. The m ethodology given in the section 2.4 was used to obtain an
architectural design that yielded the specification o f the constituent blocks nam ely
the SC path filter and the AA F & AIF. Follow ing a hierarchical design approach, a
com plete design exam ple is then described for the SC path filter. A dditionally, to
e x p lo re the N *M -path arch itectu re, this SC path filte r is co n v erted into a
program m able filter so that different architectures of N*M -path filters can be tested.
The program m able SC path filter was im plem ented using M IFT FC 2.4pm CM OS
process. The layout is done using C A D FN C F F D G F tools.
Due to non-availability o f a m ixed signal sim ulator during the design, an
alternate strategy was used to sim ulate the design and verify the im plem ented
layout. Flow charts for the design and verification are given and described in detail.
The SC path filter was designed using a standard SC-LD I ladder approach and its
fre q u e n c y dom ain sim ulation w as done using SW IT C A P2. A dd itio n ally , a
sensitivity analysis o f the capacitors to am plitude and Q variations was carried out.
The capacitors were designed to reduce the inaccuracies that are due to variations of
c ap acito r dim ensions and oxide thickness. All capacitors are based on a unit
capacitor size of 0.4pF, and all non-unit capacitors are optim ised to reduce large
scale distortions and random effects.
In ad d ition, the analogue parts of the filter (such as the am plifiers,
transm ission gates and drivers) were sim ulated and verified using H SPIC F. Also,
the program m able clock generator that is required for the m ulti-path filter was
sim ulated using V FR ILO G . Except for the digital clock generator, which was laid
out using standard cells, the rest of the filter was laid out using full custom design
approach giving a relatively com pact layout. Careful layout techniques, which were
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used to ensure that the performance of the layout is similar to those obtained by
simulations, were also described.
The final layout was verified by comparing the netlist generated by a
previously verified schematic with the netlist generated from the layout. This
comparison was done using the CADENCE tools. The validation process of the
laid-out SC path filter was also described using a pseudo-3-path circulating delay
filter. Some of the simulation results of the final circuit were given, which showed a
marked improvement in the frequency response of the SSC circuit when compared
to the conventional circuit. Finally, the SPICE simulation of the full multi-path
filter was shown to take an unreasonably longer time, and therefore cannot be fully
characterised. However, the SPICE simulations were carried out on the single path
filter that was laid-out as a control circuit. The results showed that its frequency
response was similar to that obtained using SWITCAP.
Several conclusions were reached from the design and implementation
exercise. The following are the key points of those conclusions and must be
considered in future implementations. Whilst most of the comments are general,
some are specific to the MIETEC 2A\im CMOS technology implementation using
CADENCE tools.
Design
The silicon area required by an SC filter can be strongly influenced by the
architecture of design. High-Q filters tend to have high capacitance spread. Since
the capacitors are usually implemented based on a unit capacitor, the total area
required by the capacitors can be increased by as much as 50%. The area required
by the capacitors can therefore be dominant over the rest of the components. The
capacitance spread of the architecture should therefore be weighed against the other
design parameters, such as the amplifier gain, etc.
The use of a new integrator (to be described in section 5.2) in the PNP path
filters will reduce the total capacitance by about 50%. Although this circuit will
require amplifiers with a relatively higher DC gain, it can be compensated for by
the reduction in the total area of the capacitors. To reduce the area further, some
form of capacitance reduction technique must be employed. For example,
incremental charge dividing technique described in [100] or a resistor string
attenuator chain described in [126] can be used.
Simulations.
Although SWITCAP2 is a widely used simulator, it is severely limited by its lack of
noise and clock feedthrough analysis. Also its amplifier modelling is inadequate.
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especially when bandwidth effects are considered. HSPICE can be used get more
realistic results. SC simulations in HSPICE, however, are limited to transient
analysis and hence obtaining adequate data can be time consuming. Alternative
simulators, which can simulate both digital and analogue circuits, must be used.
SWAP [140] is a simulator that has been used, but in simulations, it was found that
some results obtained were different from what was expected. A few commercial
mixed signal simulators exist that synchronise the switch level digital algorithms
with the transistor level algorithms for analogue portion of the design. They
include, for example, ELDO by Anacad and MSS by Contec Micro-electronics
USA [129], but they are relatively expensive (> £10,000).
Design to layout
Since SC filters have digital and analogue parts, the layout has to be carefully
optimised to separate the digital and analogue sections. It is recommended that
three supplies are used: one for analogue, one for digital and one for semi
analogue/digital cells.
The effects due to the parasitic capacitors tend to dominate over those due to
the parasitic resistances. Therefore minimum track sizes should be used where
possible. Cross talk is not a serious problem when 2.4p.m technology is used [139].
However, the cross-over of analogue and digital lines should be minimised. Its
effects can be reduced by using metal2 for analogue lines that are run over
grounded metal 1 and using polysilicon for the digital signals.
The impedance of the output drivers should ideally be 50f2 to interface with
the test equipment with least mismatch. If this cannot be achieved, then it should be
small when compared to the impedance of the test probes.

129

Chapter 4
Fabrication and
Measured Results
4.1 INTRODUCTION
4.2 PRELIMINARY WORK
4.3 MEASUREMENTS OF THE SUB-CIRCUITS (U NB#2,UN B#3)
4.4 MEASUREMENTS OF THE FILTERS (U NB#4,UN B#5)
4.5 CONCLUSIONS FROM TEST MEASUREMENTS

130

List of symbols and acronyms
CLFT

clock feedthrough

FGI

Finite Gain Insensitive

mdBm

m illi dBm

PNP

Pseudo-N-Path

SSC

Same Sample Correction

UN B#1

IC with the preliminary work

U N B #2

IC with the analogue functional blocks

U N B #3

IC with the digital clock generator and control logic

U N B #4

IC with the first order filters

U N B #5

IC with the main programmable PNP filter
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4.1 INTRODUCTION
This chapter gives the measured results of the five fabricated ICs (UNB# 1-5). The
chapter first describes the preliminary work, where the design of the PCB is
discussed and the measured results of the UNB#1 IC are presented. Conclusions
were drawn from this preliminary work, which were then used in the subsequent
fabrications and measurements. The chapter then describes the measurements made
on the UNB#2 IC (building blocks) and the UNB#3 IC (digital clock generator and
control logic) and draws conclusions from them. The results obtained from these
measurements were used in the fabrication of two further ICs. They are the UNB#4
IC (first order test filters) and the UNB#5 IC (a third order single-path and a third
order multi-path programmable filter). The measurements made on these circuits
are also presented. Any deviations from the ideal are discussed and suggestions are
presented that will overcome them in future designs. Finally, a summary of this
whole chapter is given and the conclusions drawn from it are discussed. Figure 4.1
shows the fabrications made and measurements taken in a flowchart, which
highlights the information feed-forward paths used to modify the subsequent
fabrications. It also gives the approximate start and finish dates for each stage.
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UNB#1

Layout, sim, verify
building blocks
and UrÆ#l
Nov 91 Apr 92

4

UNB#1
2
Fabrication

Measurements

May 92
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3

Oct 92

UNB#2

7

Layout, sim, verify
Nov 92

UNB#1

UNB#3

Measurements

Dec 92

UNB#2,3
6
Fabrication

Mar 93

UNB#3

Dec 92

Layout, sim, verify

UNB#2
8
Measurements

Nov 92

Dec 92

Mar 93

UNB#4

UNB#4
12
Measurements

Feb 93

Layout, sim, verify —,
Apr 93

May 93

UNB#5
10
Layout, sim, verify
Apr 93

May 93

UNB#4,5
11
Fabrication
May 93

Sep 93

13

Sep 93

Mar 93

Mar 93

Dec 93
UNB#5

Î
■S
CO

Measurements
Sep 93

Dec 93

F ig u re 4.1 : Flow chart for the fabrications and measurements o f ICs

Figure 4.2-4.9 gives the pinouts, the floor plans and the chip photographs of
the fabricated ICs U N B # 1-5. The UNB#1 IC consists o f a digital clock generator,
analogue functional blocks, test structures, a single-path and a m ulti-path program 
m able filter. The plot in figure 4.3 shows the com pact design of the full custom
layout architecture and show s that very little area is w asted. Figures 4.4 and 4.5
show the pin-out and the floor plan o f the U N B#2, w hich consists o f only the
analogue functional blocks. Figure 4.6 and 4.7 shows the details of the fabricated
clock generator and control logic IC. From the chip photograph, it can be seen that
the use of standard cells in the layout results in a poor packing density, even though
it saves a considerable tim e in layout and verification. The fabricated U N B #4 IC,
shown in figures 4.8a and 4.8b, contains several first order filters that include
architectures using new structures and will be described in m ore detail in section
5.2.5. F or this chapter, the m easurem ents taken from the FG I-SSC #2 and the
conventional first order filters will be used. Figures 4.9a and 4.9b give details of
UN B#5, w hich consists of a 3rd order single-path and a program m able m ulti-path
filter.
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A PCB was designed to test each integrated circuit and the precautions taken
in the design and layout of them will be given in section 4.1.1. Co-axial cables were
used to connect the PCBs to the instrum ents, and ribbon cables were used to inter
connect the clock generator PCB and the filter PCBs. All the digital sections of the
fabricated ICs were tested using the digital analysis system TEK TRO N ICS DAS9100. Figure 4.10 shows the block diagram of the instrum ents used for the analogue
m easurem ent.
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clo ck

pow er
supplies

power
splitter
HP1610A

H P3325B

out

input

'

clock
generator

^
T

n i te r

I

s/h K

circ u it u n d er test
d ig itisin g
scope
H P54503A

: : ........
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F ig u re 4.10 : A block diagram showing the instruments used for analogue measurements

T he circuit under test consists o f the clock generator, the SC filter and the
sam ple-and-hold circuits. Except for the UNB#1, the clock generator and the filter
are on separate ICs. A function generator was used as the m aster clock to the
program m able digital clock generator. A netw ork analyser was used to obtain the
frequency response of the circuit under test. The buffers and am plifiers were tested
by probing the IC pins using two high im pedance FET probes to m easure the
reflected input (R) and the transm itted output (T). All the other circuits were de
em bedded using the calibration techniques of the netw ork analyser. Since the
outputs are buffered using identical circuits, the response of the buffer was also
taken into account during this calibration process. D uring the calibration, only a
buffer circuit (that was included in all ICs), was used as the circuit-under-test. The
output was fed to the netw ork analyser using a high im pedance probe and the
fre q u e n c y w as sw ept in the range o f interest. A fter this c a lib ra tio n , the
m easurem ents recorded by the analyser took into account the deviation in response
due to the buffer and the interconnecting cables. W hen frequency was sw ept after
calibration, the m agnitude response show ed deviations of less than 0.1 dB from OdB
and the phase response show ed deviations of less than 0.5° from 0°.
Tim e-dom ain responses of the circuit were recorded using a digitising scope.
All the m easurem ents recorded were transferred to a PC using the HPIB bus and
used for further analysis and presentation. Figure 4.11 gives a picture of the test set
up used to record the m easurem ents, and figure 4.12-16 gives the pictures o f the
PCBs used for testing.
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Figure 4.11: Photograph of the test set-up

top pidte

Figure 4.12: PCB designed to make the measurements on the UNB#2 IC (functional blocks)
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Figure 4.13: PCB designed to make the measurements on the UNB#3 IC (the clock generator)

Figure 4.14: PCB designed to make the measurements on the U NB#4 IC (first order filters)
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ADVANCED F IL T

Figure 4.15: PCB designed to make the measurements on the UNB#5 IC (multi-path filters)
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4,2 PRELIMINARY WORK
This section gives details of the PCB design and the measurements made from the
first attempt to implement a UNB filter. Although few measured results were
obtained, the exercise gave useful information and much experience was gained
from it. For example, it highlighted the difficulties faced during layout and
verification of a large mixed-signal IC. When measured results were obtained, it
showed that the digital clock generator worked as expected. Additionally, the
importance of proper test circuits was highlighted when they were used to find out
reasons for the failure of the analogue sections to work as expected. Therefore, the
measured results that are relevant to the subsequent designs are presented and
analysed in this section.
The PCBs that were used for the measurements were designed and laid out
using EASY-PC [141], and fabricated using the Manchester University PCB
fabrication services. The section on PCB design gives details of the precautions
taken in PCB layout to reduce noise and interference.

4.2.1 PCB d esig n and layout
The layout of the PCB to test mixed signal ICs is important and needs careful
design. The interference between the analogue and the digital sections of the circuit
were minimised by using separate power supplies. To reduce noise, interference
and crosstalk further, separate ground planes were used, and were connected only at
the power supply ground. To improve the quality of the ground-plane every part of
the board not used for components was filled up to form a continuous ground plane.
Each of the signal connections was made through gold-plated SMA sockets and
were mounted as close as possible to the IC pins. To eliminate noise on the DC
supplies and bias lines, these lines were decoupled from the ground plane using
0.1 jiF surface mount chip capacitors connected directly to the appropriate pins. Any
AC noise signals generated from the chip were therefore short circuited to the
ground plane. Low frequency ripple was minimised by having further 22p.F
tantalum capacitors in parallel. In addition, any incoming noise from DC power and
bias lines were prevented from entering the chip by connecting them through a
series 0.1 |iH high frequency inductors. A typical PCB is shown in figure 4.16-4.17.
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Cans

F igu re 4.16: Top side of a PCB

Figure 4.17: Bottom side of a PCB
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4.2.2 Test Chip 1 (UNB#1)
The follow ing section describes the m easurem ents m ade on UNB#1 and draw s
conclusions from the results obtained.
M easurem ents
Initial DC m easurem ents on the chip showed that the circuit was not perform ing as
expected. A PCB was therefore m ade to m easure the DC condition of the IC. The
power supplies were connected through lOQ resistors so that the current through
each pin can be m easured by m easuring the voltage drop across the resistor. The
am plifiers w ere configured for DC m easurem ents and the rem aining inputs
(including the digital inputs) were connected to -5V through 33kI2 resistors. Table
4.1 gives the m easured power supply currents and com pares them to the expected
values.

Table 4.1: M easured DC Supply Currents.
3

Supply

^

SimuIated#mA:^#^'

Measured/uiA

VDD (+5V)

0.8

18.3

GND (OV)

0.0

28.0

VSS (-5V)

-0.8

-46.3

T

The m easured results show ed a pow er dissipation o f 323m W com pared to
the expected value o f 8mW . W hen the separate supply currents to the IC were
m easured, the results show ed that a significant current flow s from A V D D A and
SGND to the substrate. The cause of this was investigated by m onitoring the other
DC potentials and selectively pow ering dependent sections o f the IC.
W hen the am plifier was pow ered, it show ed that the bias conditions were
very different to those expected. The diode bias chain was therefore investigated.
The m easurem ents show ed that the diodes, which were m ade from transistors with
gate and drain connected, w orked as expected provided that their source node is
connected to the substrate potential. It also revealed that an exceptionally low
im pedance path exists from the source to the substrate if the source was raised
above 3V. Sim ilar results were observed with the transm ission gates.
F urther investigation into the layout of the am plifiers, buffers and the
transm ission gate revealed a parasitic diode structure. The diode was form ed when
a substrate tap was placed inside the active region o f the transistors, creating highly
doped p- and n- regions next to each other. This diode structure was not identified
by the C A D E N C E extraction tool and hence was not detected w ith the tools
available for this project. A w arning o f ^'adjacent p+ and n+ regions at different
potentials" was reported by the design rule checker Dracula at Rutherford Appleton
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Laboratories (RAL) when final checks were m ade before fabrication. H ow ever, the
w arning was not properly understood at the tim e, either by us or the experts at
RAL. Identical offending structure also existed in the C A D EN C E inverter standard
cell, and so it w as incorrectly concluded that it w ould not cause problem s in the
design. (It was later realised that it was not a problem w ith the inverter because the
source is always connected to the substrate and therefore the parasitic diode is m ade
redundant by a short circuit across its term inals.) Figure 4.18 shows the structure of
the layout that created these parasitic diodes.

□
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contact
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p olysilicon

sub
to VSS
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p-

n+

oxide

Dp

F igu re 4.18: The structure of the layout showing the origination o f the parasitic diode

A lthough, in the circuit these parasitic diodes w ere reverse biased, their
break-dow n voltages were low, as confirm ed by several m easured results that are
presented in figure 4.19 below . The figure show s that the breakdow n voltage is
about 2V and explains why the am plifiers and the transm ission gates did not w ork
as expected. Figure 4.20 shows a m odified layout that overcom es the lim itations
associated with the parasitic diodes. In this structure the parasitic diode denoted D p’
is form ed at the junction o f a highly doped n+ and lightly doped p- regions. These
diodes have a high breakdow n voltage and hence can be used in the analogue
circuits.
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Diode Break-down Characterization
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Figure 4.19: The breakdown characteristics o f the parasitic diodes
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Figure 4.20: The structure of the modified layout
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4.2.3 D iscussion of resu its from th e prelim inary work
Valuable experience was gained from the measurements made on this chip. The
precautions taken in the PCB layout were sufficient in reducing the clock
feedthrough to levels below that generated by the IC. The noise generated by the
external components used were also lower than that generated internally by the IC.
Therefore, in subsequent test circuits, the same precautions were observed. The
digital sections of the circuit were thoroughly tested and worked as expected.
Therefore, in the subsequent designs, most of the digital control logic was included
in the clock generation section (see section 3.3.1).
It was unfortunate that the offending diode structure in the analogue sections
was not identified earlier in the design process. CADENCE design tools were
continually updated when the designs were made and therefore these tools do not
always identify errors in the layout. In fact, during the design process, several errors
in their library of standard cells were discovered and subsequently revised by RAL.
The extraction tools were also changed several times throughout the design, but the
latest versions were not able to identify the parasitic diodes. The reason that the
circuit error could be identified at all was largely due to the presence of several
supply pins and test structures that were included for diagnostic purposes. In
subsequent designs, similar test structures were used and additional verification of
the design were conducted to reduce the layout errors.
The digital section of the IC worked as expected. However, it was not
possible to use this IC for any subsequent tests as a clock generator circuit.
Therefore, it was decided to split the implementation of the demonstration filter into
several smaller ICs, and to wait for the results from one set of chips before
proceeding to the next batch. For the next phase of the project, the digital and
analogue sections of the filter were fabricated in separate ICs. The analogue ICs
were therefore split into the building blocks, simple first order filters and a main
filter. These ICs could then be tested separately and PCB techniques could be used
to demonstrate the functions of the full filter system. Results from the functional
blocks and the first order systems could also be used in the design of the main filter.
This approach also reduced the noise injected from the substrate since the core of
the digital circuitry is on a separate IC. Therefore, the noise measured for the main
filter will be lower when compared with a complete filter with both the analogue
and digital sections incorporated in a single IC. However, the analogue ICs will still
have substrate noise injected by the digital drivers.
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4.3 MEASUREMENTS OF THE SUB-CIRCUITS fUNB#2.UNB#3)
The U N B#2 IC, as shown in figures 4.4-4.5, consists of the building blocks that are
required for the m ain filter. Specifically, it consists o f three am plifiers (one w ith
internal nodes accessible for DC m easurem ents, and tw o am plifiers laid out to
facilitate A C m easurem ents), eight buffers, two transm ission gates and one clock
driver. It also includes tw o integrators, one o f w hich contains the p - l- p test
structure described in section 5.2.5. The UNB#3, as shown in figures 4.6-4.7, is the
digital clock generator IC and was tested using the TEK TR O N IX DAS 9100. As
explained above in the section 4.2, m ost o f the control logic within the digital IC
was included. In addition, a RO M that will allow the digital clock generator to be
tested w ithout an external EPR O M was also included. D uring testing, the internal
ROM will supply the necessary data to configure the m ain filter to a circulating
delay P3P filter.
T he follow ing section gives details o f the m easurem ents m ade on the sub
circuits, including a com parison with the sim ulation results. From these results,
conclusions were draw n, which were then acted upon in the design and layout of
the m ulti-path filter described in section 3.2.2.

4.3.1 M easurem ents
Using this test rig shown in figure 4.13, the following m easurem ents o f the building
blocks w ere made.

Table 4.2 below gives the m easurem ents m ade on the buffer circuit.

Table 4.2: M easurem ents of the buffer circuit.
Measurement

Simulated Range ^

Measured value

DC Gain

-0.35dB

-1.12dB

-0.6±0.1dB

DC Offset

-0.99V

-1.9V

-1.1±0.1V

Power Consumption (±5)

12.4mW

12.6mW

12.8±4mW

Output Impedance

1020

1200

130+100

Bandwidth

140MHz

151MHz

145MHz

O utput Noise

-llOdB/VHz

-120dB/VHz

-110±5dB/VHz

1 - using the tolerance data on the fabrication

T he gain, offset voltage, bandw idth and noise are w ithin the sim ulated
values. H ow ever, the m easured average pow er consum ption and the output
im pedance (for 5 sam ples), are 1.6% and 8.3% m ore than the sim ulated values
resp ectiv ely , but is still w ithin the m argin o f error. The increase in pow er
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consum ption is due to inaccuracy in the 1:10 current m irror used. T herefore in the
next design, this was changed to a 1:2 current m irror. The output im pedance,
though higher than sim ulated is still sufficiently low to drive the test probe.
A m plifier
T he diode based bias chain that was used to obtain the four bias voltages for the
am plifiers was found to be very inaccurate, show ing errors as large as 13%. This is
m ainly due to the sm all sized transistors that w ere used in the bias chain (sm allest
tra n sisto r is 1 1.6p.m /10pm ), leading to large v ariations in W /L ratios during
fabrication. The errors in the bias chain were reflected in the m easured internal
nodes, w hich show ed deviation of up to 14%, w hen com pared w ith sim ulations.
H ow ever, the am plifier perform ance is not particu larly sensitive to the bias
variatio n s, and therefore this was not a m ajor problem . T able 4.3 gives the
am plifier’s DC m easurem ents and com pares them with the sim ulated results.

Table 4.3: DC characteristics
Parameter

Simulated Range

Medlured

M aximum DC gain

74dB

80.2dB

M inimum DC gain

42.7dB

43.4dB

74dB
43dB

Power consumption (±5V)

3.2mW

10.3m W

3.6mW

Input offset voltage

0.33mV

0.62mV

0.6mV

+ÜV
R3

Vout
(0.1 (iF)

-5V

Vin
(I kHz)

(2m V)

Vout

Vin

Gcont

(a)

(b)

Figure 4.21: A m plifier configurations for (a) DC gain and (b) AC measurem ents

As show n, all the m easured DC param eters are w ithin the sim ulated range.
U sing the configuration show n in figure 4.21a, the variable gain feature o f the
am plifier was investigated. The potential divider form ed by R1 and R2 was used to
obtain the required low input voltage to give an output o f about TV peak-to-peak at
m axim um gain. Since the am plifier was in open loop configuration, the offset
voltages will saturate the am plifier. Therefore R3 was used to com pensate for the
o ffse t v o ltag es to give a DC o u tput around OV. To reduce the e rro rs in
m easurem ents, the am plifier was first configured as a unity gain bu ffer (by
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connecting its output to the non-inverting input), and calibrated using the network
analyser. When calibrated, the effect of the potential divider was eliminated from
the measurements. The DC gain errors were further minimised by using the
network analyser to sweep the input from lOOHz to IkHz and taking the average of
401 measurements. The measurements recorded within this range were within
0.5dB from the average value, and are shown in figure 4.22.

a 60

-2.5

-0.5
G -C ont /V

F igu re 4.22: The variation o f the DC gain o f the amplifier with the gain controlling voltage

The measurements show a steep variation (of 13dB/100mV) with the gain
controlling voltage around -1.9V. This is because the variable gain feature is
obtained by using an FET biased in the linear region (see figure 3.14). For voltages
below -2.2V, the transistor is fully off and therefore the amplifier has maximum
gain. Above this voltage, an inverted channel is formed and the transistor starts
conducting, which reduces the effective value of the folded cascode load and hence
reduces the gain of the amplifier.
The second amplifier was configured for AC measurements as shown in
figure 4.21b and the values of the resistors were chosen to have a low frequency
gain of 40dB. Using this configuration, figure 4.23 gives the measured frequency
response of the amplifier and table 4.4 tabulates the AC characteristics and
compares them with the simulation results. The dashed lines in figure 4.23 show the
range of the simulation results, and as shown, the measured frequency response lies
within this range.
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Figure 4.23: Frequency responses of the amplifier: (

) measured; ( - ) simulated tolerance

Table 4.4: AC characteristics
P aram eter

M oasared

Gam Bandwidth Product

6.6MHz

15.1MHz

13MHz

Slew rate

16V/|is

50.7V/ps

25V /ps

Com mon M ode Rejection Ratio

-67.8dB

-74.2dB

-75.8dB

Output noise

-108dBm/VHz

-107dBm/VHz

-1 I0±5dBm/VHz

Total H armonic Distortion (lOkHz)

0.03%

0.04%

0.06% (<75dB)

The slew -rate and the gain-bandw idth product m easurem ents are w ithin the
sim ulation range. The com m on m ode rejection ratio (CM RR ) is 2.2% better than
the sim ulation data, w hereas the total harm onic distortion (THD ) is 1.6dB higher
than the sim ulated value. The m easured output noise is also com parable to the
sim ulated data. The m easurem ents o f the second am plifier with a different layout
gave sim ilar results, and therefore the am plifier w ith the sm allest area was used in
the filter design.

Drivers
The rise and fall tim es of the drivers were m uch faster than those o f the buffers used
to drive the off-chip signals. T herefore, these signals m ust be de-em bedded from
the buffer response. H SPIC E sim ulations were used w ith the m easured data to deem bed the signals. Figure 4.24 show s the m easured outputs o f the drivers and
com pares them with the sim ulated results. As show n, the m easured output is close
to the sim ulations except for the saturation voltages. This is due to the difference in
the m easured and sim ulated offset voltages of the buffers used (see above). These
sim ulation results were then used to estim ate the slew rate of the internal nodes.
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This gives a slew rate of 800V/)is and 550V /|is for the two com plem entary clocks,
p h i and p h ih respectively. These slew rates are different because p h ib output drives
both the buffers and the input o f an inverter, w hereas p h i drives only a buffer.
Figure 4.25 shows these de-em bedded driver signals.

m e a su re d phi
sim ulated phi

I

-- m e a su re d phib
.. sim ulated phib

-

0.2

0.2

0.4

0.6

0.8
Time /us

Figure 4.24: M easured and simulated responses of the transmission gate drivers
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Figure 4.25: Expected internal driver signals

Transm ission gates
Tw o circuits that w ere used to characterise the transm ission gate are show n in
figure 4.26. The first circuit, which is configured as a sam ple and hold circuit, was
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used to measure the clock feedthrough, distortion and droop rate, whereas the
second circuit was used to obtain the turn-on resistance of the switch.
phib

phib

out

i.

out

i
i

à

phi

in

^

"

phi

----

F igu re 4.26: Transmission gate configurations used in the test circuits
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F igu re 4.27: Measured response o f the transmission gate when configured as a sample-and-hold
circuit; ( ) output (—) input

Figure 4.27 gives the measured response of the transmission gate, when
configured as a sample-and-hold circuit, with an input signal of lOkHz and a clock
frequency of lOOkHz. The sampled edges show an average pedestal of about 25mV,
which is comparable with the offset voltages that have been reported in the past for
similar devices [52]. Table 4.5 gives the results of the measurements taken on the
transmission gate and compares them to the simulations using typical parameters.
The clock feedthrough pedestal for simulation is different from the measured
results, because the models used in the simulations do not take channel charge into
account.
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Table 4.5: Transm ission gate characteristics
Parameter

Simulated

Clock feedthrough pedestal

12mV

25mV

Total Harmonic Distortion (lOkHz)

0 .01 %

0.06% (<75dB)

Droop rate

negligible

25mV/s

Turn-on Resistance

2.6ka

2.9kQ

T he signal dependency o f the clock feedthrough pedestal w as furth er
m easured using a DC input signal and m easuring the shift in the DC levels when
the tra n sm issio n gate w as clocked. F igure 4.28 gives the m easu red clock
feedthrough, w hich shows a non-linear signal dependency. Although this will cause
distortion, the m easured results on the sam ple-and-hold circuit showed that TH D is
less than 0.06% for a signal level less than 1Vpeak-to-peak.

-I

-0.8

-0.6

-0.4

-0.2
0
0.2
Input Voltage /V

F ig u re 4.28: M easured signal-dependent clock feedthrough

D igital clock generator
The digital IC operates in three modes, as defined in table 4.6. In the norm al
m ode, the data for the clocks were obtained from an external EPROM . In the first
test m ode, the internal ROM was used to generate the required clocks to configure
the m ain filter to a circulating delay FGI P3P filter. The second test mode was used
for diagnostic purposes, should the digital IC fail to operate as designed. In this
m ode, the internal control logic was disabled, and allow ed direct access to the clock
m ultiplexer. All m odes of operation were tested and the results are reported below.

Chapter 4

155

Fabrication and M easured Results

Table 4.6 M odes of operation

CRST

control

Operation
Normal (data from external EPROM )
T est-1; (data from an internal ROM )
Test-2: (Control logic disabled)

The test m odes o f operation show ed that the circuits w orked as expected.
T herefore, an EPRO M was program m ed to generate the required clocks. The tests
show ed that the IC is fully functional upto 2.5M H z (the m axim um clock speed of
the digital analysis system used), with an average pow er consum ption o f 7.5m W at
2.5M H z. O f the 10 chips that were tested, the pow er consum ption variation was
0.6% . For detailed analysis, a digitising scope was used to record the clock pulses.
Figure 4.29 shows the clock patterns for two non-overlapping clocks generated for
an input clock frequency of 4M H z. C lose exam ination o f the edges show ed an
internal clock delay, defined as tim e between 50% am plitude o f the m aster clock to
50% am plitude o f the generated clock, of about 40ns.
M e a s u re d c lo c k g e n e ra to r o u tp u t (at 4 M H z )

^ 's V ' -

( _ ) p h i, ( - ) p h ib
-

1

-2 .5

-2

-1 .5

-1

-0 .5

0
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I

1.5

2

2 .5

T im e /u s

Figure 4.29 M easured clock generator output for 4M Hz input clock frequency

4.3.2 D iscussion of results from the sub-circuits
M uch inform ation was obtained from the m easurem ents o f the sub-circuits. For
exam ple, it was found that the ratio of the current m irrors used in the buffers are too
large to accurately m irror the control input. Therefore in the next design they were
changed to from 1:10 to 1:2. This w ould increase the pow er consum ption o f the
buffers by about O.SmW. The m easurem ents o f the diode chain used to supply the

156
bias voltages for the amplifiers showed deviations of up to 14%. This was due to
the small geometry of the transistors used in the chain. However, both the AC and
DC measurements of the amplifier agreed with the simulation results. The
measurements on the two amplifiers with different layouts gave similar results, and
therefore the amplifier with the smallest area was used in the filters. The variable
gain feature implemented to investigate the SSC feature of the integrators showed
that the amplifier gain can be varied between 43dB to 74dB. The results also
showed that gain variation from 70dB to 50dB is sensitive to the control voltage.
This, however, can be tolerated since accurate measurements of the DC gain was
not required.
The drivers and the transmission gates worked as expected. However, the
slew rate of the buffers used to drive the signals is lower than that of the driver and
therefore the measured results had to be used with the simulation data to obtain an
estimate of the slew rate of the drivers. The results showed that the complementary
clock signals have a transition time (including the delay) of about 20ns.
Measurements of the transmission gate showed that the turn-on resistance is
comparable to the simulation data, but that the clock feedthrough is much higher.
This is reflected in the measured distortion levels, which are higher than the
simulated data, but still below 75dB for signal levels less than IV peak-to-peak.
However, the consequence of CLFT for PNP filters was not fully understood when
these measurements were made, and therefore it was wrongly concluded that the
measured CLFT and distortion levels were within acceptable levels (see section
4.4.2).
The clock generator chip also worked as expected. For initial testing of the
filters, the clock generator will be connected through a ribbon cable. Once
operational, a PCB can be designed to incorporate this digital IC. For, N*M-path
operation, each path filter will have a digital clock generator chip, but with a
different EPROM to control its clocks. In this way, the filter system can be made
highly flexible. The measurements made on third set of ICs, which consists of firstorder filters and a multi-path filter, will now be reported.

4.4 MEASUREMENTS OF THE FILTERS (UNB#4.UNB#5)
This section gives the results on the measurements made on the third batch of ICs,
namely the UNB#4 and the UNB#5. The UNB#4, as shown in figure 4.8, consists
of first order filters that was fabricated mainly for the verification of the new
circuits that will be described in section 5.2. It also has a first-order filter based on
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the SSC#1 integrator so that it can be used for verification of the operation of this
circuit. This circuit can also be used for diagnostic purposes, should the final filter
fail to work as expected. It was designed to have low-pass passband edge of h/100
(where f§ is the clock frequency). The integrating capacitor was replaced with a
pseudo-1-path block (shown in figure 5.11), so that it can simulate the additional
noise injection during charge circulation. (This mode of operation is explained in
detail in section 5.2.5.)
The UNB#5, as shown in figure 4.9, consists of a third-order single-path
control filter and the programmable main filter that was implemented using the
building blocks given in the previous sections. The main filter is a pseudo-N-path
filter that was based on a third-order lowpass elliptic ladder filter. It may be
switched between the circulating-delay (for N = 3 to 7) and the RAM-type
configurations (for N = 3 to 5) using either a conventional or an SSC-FGI
operation. The passband edge is located such that its first bandpass response
obtained in a multi-path operation has a Q of 50. Two PCBs were designed to test
the IC, and pictures of the populated boards shown in figures 4.15 and 4.16. The
following sections report the measurements made on these circuits.

4.4.1 M easurem ents
The first-order filter
Figure 4.30 gives the measured results of the first order SSC-FGI filter, when
clocked at 62.5kHz, and compares them with the simulation data obtained using
SW rrCAP. The results showed that, when compared to the ideal, there is insertion
loss of (0.1+0.015)dB and -3dB deviation of 0.07%. The DC gain variation is larger
than expected value of ±0.0IdB (assuming a 0.1% variation in the capacitor ratios),
suggesting that the capacitor ratio variation is 0.17%. When the circuit was
configured for a conventional first order filter, the insertion loss was
(0.08±0.015)dB. Figure 4.31 shows the amplitude deviation from the ideal for the
SSC-FGI filter and for the conventional filter. It shows that both the conventional
and the SSC-FGI circuits showed a deviation of O.ldB upto 8kHz (fs/8). However,
beyond that, the SSC-FGI circuit shows a slightly larger deviation of upto 0.4dB
when compared with the conventional circuit’s 0.15dB. These results suggest that
the SSC-FGI circuit is more sensitive to clock feedthrough, which can be due to
additional charge injection from the switches at the feedback branch.
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F igu re 4.30; Measured results o f the SSC-FGI first order filter compared with the ideal
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F igu re 4.31: Measured deviations o f the SSC-FGI and conventional first order filters from the ideal

The noise performance of the SSC-FGI circuit was also measured and
compared to the conventional circuit. It showed that the SSC-FGI and the
conventional circuits have a noise floor of -102±5dBm/VHz. The effect of the finite
gain on the lowpass frequency response was difficult to measure, because the
deviation due to the finite gain was too low to be measured with the instruments
used, but they are consistent with the simulations. However, for the multi-path
filter, it can be measured and is reported in the section on multi-path filter below.
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The single-path control filter
Figures 4.32 and 4.33 show the measure lowpass response and the noise floor of the
3rd order single-path conventional filter that was implemented as a control circuit.
It was clocked at a frequency of 5.2kHz.
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Figure 4.32: Measured 3rd order single-path control filter (its frequency response and noise)
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Figure 4.33: Details o f the passband o f the 3rd order single-path control filter

The results showed that, when compared with the ideal response, the
conventional control circuit has an additional insertion loss of O.ldB. The -3dB
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frequency is located at 50.2Hz and the transmission zero frequency is located at
158.5Hz. Compared with the ideal response, these frequencies showed deviations of
0.3% and 2% respectively.
The multi-path filter
The lowpass response of the multi-path (PNP) filter, when configured as a
conventional single-path lowpass filter, was first measured. The results are similar
to those obtained for the control circuit. The single-path responses were further
tested by selecting each of the eight feedback capacitors in the capacitor bank and
measuring the insertion loss and -3dB frequency. They showed that, for each of the
configurations, the deviations were less than 0.3%. This showed that each path of
the multi-path filter worked as expected.
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Figure 4.34: Measured frequency response and noise for the circulating delay FGI-P3P filter

The circuit was then configured as a circulating delay pseudo-3-path filter,
operating at 60kHz (fg= 15kHz). Figure 4.34 shows the measured results and
compares them with the ideal for an amplifier gain of 5000. As shown, the
deviation in lowpass response is within 0.2dB, but the bandpass response, which is
located at fs/3 has large deviations. Figure 4.35 shows further measurements taken
around the first bandpass response located at 5kHz, and compares them with the
ideal. Although the passband centre frequency is at the predicted frequency, its
shape is distorted. The measured insertion loss is +0.66dB, and -3dB Q is 83,
compared to the ideal values of -1.6dB and 50. Similar results were obtained when
the circuit was configured for a conventional circulating delay P3P filter, and the
bandpass responses of which is given in figure 4.36.
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F igu re 4.36: The bandpass response o f a circulating delay conventional-P3P configuration

As shown, the bandpass response is highly distorted, but shows that, when
compared with the FGI circuit, the dynamic range is increased from 50dB to 70dB.
This is because the number of switches in the conventional circuit is lower than that
of the FGI circuit. In addition, the virtual earth node of the FGI circuit is sampled
during the correction phase, and hence any noise injected during the sampling
process would propagate to the output and multiplied by the gain of the integrator.
Similar responses were also obtained when the multi-path filter was configured as a
RAM-type P3P filter. Figures 4.37 and 4.38 show the responses of the FGI and the
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conventional circuits respectively. Compared to the circulating delay-type
configurations, the RAM-type filters responses appear to be much closer to the
simulated response. This is due to the lower number of charge transfers for each
cycle of operation when compared to the circulating-delay architecture. However,
these circuits cannot be used in the N*M-path filters due to large clock feedthrough
at the centre of the passband, as shown in the figures 4.37 and 4.38.
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F igu re 4.37; The bandpass response o f a RAM -type FGI-P3P configuration
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F igu re 4.38: The bandpass response o f a RAM -type conventional-P3P configuration

Since accurate bandpass responses cannot be obtained, comparative results
of the lowpass responses were obtained for different configurations and are
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com pared in table 4.6. In all circuits, the path sam pling frequency is 15.625kHz. In
these m easurem ents, FG I circuits generally show a slightly low er -3dB frequency
(im plying a higher Q). The insertion loss, however, is sm aller with the FG I circuits.

Table 4.6: Com parative data for the lowpass response of P3P filter.
F ilter configurations

-3dB freq.
(Hz)

(m argin of error)

± 0.6

Zero freq.
(Hz)

D eviation
from ideal

D eviation
from ideal

±4

C-delay conv-P3P

148

-4.6%

C-delay FGI-P3P

49j

- 1.2 %

15

-2.9%

RAM conv-P3P

49.7

- 0 .6 %

155

- 0 .2%

RAM FGI-P3P

49j

-

1. 0 %

150

-3.2%

The effect o f finite gain on the insertion loss of the low -pass response was
also m easured. For these m easurem ents, the circuit was configured as a pseudo-3path filter and is clocked at 62.5kHz. The gain o f the am plifier was varied betw een
the m axim um (5000) and the m inim um (200) and the results are shown in table 4.7.
The results w ere recorded for three separate ICs, and the legends F(G) and F(g) are
for the FGI circuit with the m axim um and m inim um gain respectively. Sim ilarly,
the legends C(G ) and C(g) are for the conventional circuit with the m axim um and
m inim um gain respectively. For each set o f m easurem ents, the m axim um and the
m inim um value o f 50 samples recorded over the range lOHz to 20Hz are given. The
two bottom row s give the calculated mean and the sim ulated values.

Table 4.7: M easured error in the lowpass passband response (in mdB (or lO'^dB)).
F(G)

z

C (.)

C(G)

F(8)

■

max

m in

iiia.\

24

min
h
-49

33

-191

-107

-301

-224

-74

10

-80

42

-220

-112

-313

-260

2

58

11

63

-82

8

-280

-222

min

m ax

Chip-1

-33

Chip-2
Chip-3

m àx 1

Mean

-2

-3

-117

-270

Sim ulated

-6

-30

0

-32

F - finite gain insensitive; C - conventional; (G) - gain=5000; (g) - gain=200

Figure 4.39 show s the tabulated data represented graphically, w here each
line represents the range. As seen, the mean value for the conventional circuit, when
com pared to the FG I circuit, show s a m uch larger change (although absolutely
sm all) w hen the gain in varied from the m axim um to the m inim um . Sim ulations
have show n that these deviations are more significant w hen the signal is sam pled at
a low rate. In the fabricated circuit, however, the signals at high frequencies, where
they are sam pled at a low rate have a very low absolute am plitude, and hence it was
difficult to m easure their differences accurately.
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-350-F igu re 4.39: Measured error in the lowpass response (in mdBm) for a circulating delay P3P filter

4.4.2 D iscu ssio n of th e resu lts from th e filters
The measurement on the first-order filter showed that within the passband, the FGI
circuit has an insertion loss of O.ldB whereas for the conventional circuit it is
0.08dB (Both measurements are recorded with an accuracy of ±0.015dB.) The
measured noise floor of the FGI circuit is slightly higher than the conventional
circuit. The latter result suggests that the SSC-FGI circuit is more sensitive to clock
feedthrough. The effect of amplifier gain on the lowpass frequency response proved
to be difficult to measure, because the deviation is too low to be recorded with the
instruments used. However, they are consistent with the simulations results. The
measured data on the single-path control circuit is also consistent with the
simulation data, with an insertion loss of -0.09dB and a -3dB frequency deviation of
0.3% .

The bandpass responses of the PNP filters showed that they are highly
distorted, and therefore it is difficult to obtain accurate measurements. The response
of both the FGI and the conventional circuits, when configured as circulating delaytype P3P filters, gave similar results. However, the noise floor of the conventional
circuit is 20dB below that of the FGI circuit. The measurements, when configured
as a RAM-type P3P filter, showed that the response is much closer to the simulated
value, but has a large CLFT at the centre of the passband. Therefore, they cannot be
used in UNB filters that require a high dynamic range.
In SC filter systems, the CLFT results in offset voltages, and if this is signaldependant, then it results in harmonic distortions. In conventional highly over
sampled SC filters the offset voltages resulting from each cycle of operation show
very little variation in amplitude and phase. For such signals, in most high-order
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filters, there exists a high-gain negative feedback path (by way of an undamped
integrator), which compensates for the offset voltages [53]. Therefore, the offset
voltages in highly over-sampled SC filters have not proved to be a serious
drawback. In PNP filters, however, the signal at the bandpass response is sampled
at a very low rate. For example, the signal at the centre frequency of the P3P filter
is sampled only three times in one cycle. This results in large differences in signal
levels and therefore the offset voltages between consecutive cycles. For these offset
voltages, the feedback path does not have a high gain, and therefore they cannot be
compensated in a manner similar to the conventional highly over-sampled filters.
By contrast, (as shown by the measured results), the signals at the lowpass response
of the PNP filter are compensated in a similar way to the conventional filters since
they are highly over-sampled and therefore the offset voltages show very variation
in magnitude and phase.
Acceptable results for bandpass responses have been obtained in the past
using PNP filters. These are, however, obtained either by using discrete
components or by using integrated structures that use few components and large
unit capacitors, all of which results in low offset voltages. For example, the PNP
filters reported in [90,96,100] are implemented using discrete components with
capacitors greater than 200pF. The integrated PNP filter reported in [41] is a simple
first order PNP filter whereas the 18th order PNP filter reported in [142] uses a unit
capacitor of 4.7pF. Integrated PNP filters with a low unit capacitor of 0.75pF was
reported in [143], but the implemented filter is a low-Q filter with very few
components. Using large unit capacitors or few components for filters will reduce
the effect of clock feedthrough (CLFT). To understand the problems associated
with CLFT in PNP filters, the process of CLFT in PNP filters will now be
explained.
Explanation o f clock feedthrough in PNP filters
Analysis of CLFT phenomenon in conventional single-path SC circuits showed that
it can be categorised as either signal-dependant or signal-independent [50-53]. It
was shown that, for a simple sample-and-hold circuit, there is a signal-dependant
charge injected on the capacitor plates when the switch is turned on, and a similar
but opposite charge is injected when the switch is turned off [52]. It was also shown
that, in conventional circuits, the charge that is injected on the capacitor plates
when the clock is turned on is not important because it is effectively negated when
the capacitor is charged to the source voltage, which is usually predefined.
Therefore, only the offset voltage resulting from the turn-off phase is significant.
This, however, is not the case in most PNP filter operations, where the source
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voltage is not predefined. For example, during charge circulation in a circulating
delay-type PNP filter, the source voltage depends on the charge stored on the
memory capacitor. Therefore, any charge that is injected on the memory capacitor
when the switch is turned on will change the final voltage across the capacitor
plates. This is shown more clearly in the charge flow diagram in figure 4.40, where
the charge on C l in first transferred to C2 and then charge on C3 is transferred to
C l. In the analysis it is assumed that a signal-dependent positive charge is injected
on the capacitor plates connected to the switch, and a similar negative charge is
injected when the switch is turned off.
charge on C l tranferred to C2

charge on C3 transferred to C l
+ q l-q 3

-Q3l I+Q3

-q l+ q 3

-Q3II+Q3

C3
- q l + q 2 | |+ q l-q 2

-0211+02

+ q l-q 2 |

-q l+ q 2

01iT)

(a)

(b)

q l + q 2 | |+ q l-q 2

q l + q 2 | I + q l-q 2

0211+02

021 1+02

+ q l-q 2

-q l+ q 2

Q3' '+03

(c)

+q2-q3
0 3 1 1+Q3

(d)

F igu re 4.40: Sequence o f Charge Transfer

Figure 4.40a shows part of the circulation of charge where charge on the
capacitor C l (Q2) has been shifted onto the capacitor C2 by grounding the input of
C l and connecting C2 in the feedback path of the amplifier. Figure 4.40b shows the
position when the switches are open, injecting the error charges q j and q2 on to the
plates of the capacitors C l and C2 respectively. Since these switches are usually
opened simultaneously, any charge injected onto the capacitor plates C l causes an
equal and opposite charge to be injected onto the plates of the capacitor C2
(conservation of charge). The charge q j does not depend on Q2, but q2 does.
Therefore, at the end of this operation, an equal and opposite error component that
depends on Q2, which is given by \q2~qi^, remains on the plates of the capacitors
C l and C2. In the next cycle, when the charge on the plates of the capacitor C3
(Q3) is transferred to C l (as shown in figures 4.40c-d), the transferred charge is
added to the error charge remaining of the plates of the capacitor C l from the
previous cycle, giving a resultant error charge of \q3-q2\^
It can be seen that, after the two cycles, the charge transferred to the
capacitor C l will be Q3 only if the signal-dependant error charges q3 and q2 are
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identical. This will only be the case if the initial charges Q3 and Q2 are same,
implying that the two consecutive signals must have similar amplitude and phase.
As seen before, in PNP filters, the consecutive signals have large differences in the
signal amplitude and phase and hence the error charge transferred is not cancelled,
leading to large levels of distortion. A method used to verify this qualitative
description of CLFT will now be explained.
Verification o f the theory o f CLFT in PNP filters using measurements
The theory of clock feedthrough in PNP filters was verified by using the set-up
shown in figure 4.41 and recording the time-domain responses.
Function
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generator
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digital IC
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o u tp u t
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U N B #3
U N B #5

digitising
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H P54503A

F igu re 4.41: Test set-up used to measure time-domain information o f the PNP filter

The input signal to the filter is used as a trigger to a function generator that
is capable of supplying several pulses for each trigger event. By setting the number
of these pulses and their pulse widths to be exactly the same as the required clock
frequency, the time domain response of the filter can be synchronised to its input
clock. The time domain information is recorded using a digitising scope, that is also
triggered using the signal generator input.
Now, in an N-path filter the input signal is sampled N times in each cycle of
operation and distributed among the N path-filters. As an example, the signal at the
centre of the first bandpass response is sampled N times and distributed among the
N path-filters as shown in figure 4.42a-b (where the arrows represent the amplitude
of the sampled signal). The result is that, for each path filter, the signal is sampled
at exactly the same frequency as the centre frequency, i.e. they are sampled at the
Nyquist frequency. The consecutive samples for each path filter therefore have the
same amplitude and phase, resulting in a frequency response that is identical to the
lowpass response. At the output, the responses of all the path filters can be
combined (after a sample-and-hold circuit) resulting in a signal that is sampled N
times in one cycle. Since the phase information between the consecutive sampled
are preserved, the output signal can be reconstructed as shown in figure 4.42c.
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F igu re 4.42: Time domain operation o f a 3-path filter; the signal at the centre frequency o f the first
bandpass response is sampled 3 times, resulting in the signals for each path filter being
sampled at the Nyquist frequency.

If the amplitude and phase of the output samples are not preserved, then the
re-constructed output will not be identical to the input signal. Extending the timedomain response to other frequencies in the bandpass response, it can be shown that
a signal fo±fi that is sampled at frequency fo will give identical samples as a signal
at fi in the lowpass response that is also sampled at fo. Hence the bandpass
response is identical to two lowpass responses. This is, however, true only in the
amplitude and phase of the consecutive samples (coming from consecutive path
filters) are preserved (or offset by the sample amplitude and phase).
The operation described above is for an N-path filter. For PNP filters, the
operation is identical, except that some of the filter components are multiplexed. As
seen previously for PNP filters, the offset voltages for each path depend on the
signal level and hence the amplitude and phase of the output samples are not
preserved, resulting in large levels of distortion. This phenomenon is observed from
the measured results when a sinusoidal input of frequency fo was used at the input
of the filter that is configured as a P3P filter. Measuring the amplitude of the
individual output samples showed that their offsets voltages (when compared with
the input samples) are different for the three paths. This therefore identified the
cause of distortion that was measured in the frequency response.
To verify the above hypothesis the filter was configured as a pseudo-7-path
filter and excited with a square wave input that is sampled seven times.
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M easurem ents were obtained with different pulse widths so that the num ber of
sam ples with high voltage values is different. The results show ed that the
am plitudes o f the output samples differ from the input only when the adjacent
samples are different. For example, when the pulse width is set so that the first four
sam ples have a high voltage value (samples numbered 1-4) and the other three
samples with a low voltage value (samples numbered 5-7) as shown in figure 4.43a,
the output samples 1 , 4 , 5 and 7 are different from the nominal value, whereas the
rest of the samples are at the nominal value. Additionally, the amount by which the
sample 4 differs from the nominal value is similar to the difference between the
sample 5 and the nominal value, verifying that the charge lost in one sample is
added to the next sample. (This is also true for samples 1 and 7.)
-T.

input

clock

(r e g io n s h o w n in th e tim e -d o m a in p lo t)

F ig u r e 4 .4 3 a : T h e sq u are w a v e in p u t u se d in th e P 7 P filter

This is shown in the time-domain plot in figure 4.43b, where the sampled
input, the buffered amplifier output and the sampling clock are recorded between
the output sam ples 7 and 1. (The scale for the input and output signals is
200m V /div whereas the scale for the sampling clock signal is 5V/div.) Since the
charge is circulated before the next output is sampled, the output corresponding to
each path is observed between the sampling intervals. Also, since the input is a
square wave, the sampled input voltage for each path-filter does not change from
cycle to cycle and hence the output of each path-filter also remains constant from
cycle to cycle. In the absence of any clock feedthrough distortion (and with ideal
buffers), the output of the path filters should closely follow the input samples.
Hence the first four outputs should be 0.5V (same as the input) and the next three
should be -0.5V. However, from the plot it can be seen that the output of the
individual path-filters are at the nominal value only if the input samples of the
adjacent path-filters are similar. Hence the outputs corresponding to the path filters
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2, 3 and 6 are at the nominal value, while the others are corrupted by CLFT. Also,
as seen from the plot, the output corresponding to the path-4 filter (which should be
the same as that of the path-3 filter) is offset by a value similar to the offset between
the outputs of the path-5 and path-6 filters. Hence, it can be concluded that the
charge lost from the path-4 filter is gained by the path-5 filter.
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F igure 4.43b: The tim e domain plot of the P7P filter (input, output and the sam pling clock)

Further analysis of CLFT in PNP filters

V.n

-o Vo

F ig u re 4.44: An integrator with a signal-dependent offset voltage, ( a represent the dependency)

It is difficult to obtain a closed form expression for CLFT in PNP filters. However,
its large scale effects can be used to quantify the effects of CLFT in larger circuits
and can be used to obtain a more realistic simulation result using simple simulators
such as SWITCAP. It has been shown that one effect of CLFT in filters is a signaldependent offset voltage at the output [4]. This effect can be simulated using a
signal-dependent offset voltage at the input of the amplifier as shown in figure 4.44.
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Analysis using the charge conservation gives the transfer function of this
integrator as:
Vo

-C l / C2

_

K-in

(4.1)

where A is the amplifier gain. Resolving this into the gain and phase errors gives:
m(co) =

+
(4.2)
n r C1/C
- - 2 "
a +—
Ayi tan(co7 / 2)

where m (Cû) and 6(co) are the amplitude and phase errors respectively and T is the
sampling period. The results show that, when compared to a conventional
integrator, the effect of the signal-dependent offset is to reduce the effective gain of
the amplifier by a factor of (1+aA). A SWITCAP model that represents this signaldependent offset voltage was created and used to simulate the filter configured as a
circulating delay P3P filter. The results showed that when a is set to 0.1%
(representative of the CLFT levels measured in the sample-and-hold circuit), the
bandpass response has a Q deviation of 6.2% and an insertion loss of 2.2dB. The
lowpass response of the filter, however, remains unchanged. Although the
simulation results cannot be made to fully coincide with the measured results, the
trends are similar, and therefore support the theory presented.
The discussions and results shown in the above sections explain why the
CLFT is not a problem in the lowpass response of the PNP filter, but is a severe
limitation in the bandpass response where the consecutive samples differ greatly in
amplitude. A new clocking scheme that will substantially reduce CLFT will now be
explained.
Reduction o f clock feedthroueh in PNP circuits
As discussed above, the CLFT phenomenon can be categorised as either signaldependent or signal-independent [50-53]. The signal-dependent CLFT is usually
minimised by fully differential circuits. This will, however, require doubling the
chip area. Another form of reducing this type of feedthrough is to use two dummy
switches, each with half the size of the original switch, on either side of the switch
[54]. This has been extensively analysed and has been shown to work only for
switches with fixed source potential (i.e. at ground or virtual earth potential). In an
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integrator some of the switches at the input stage do not conform to this rule and are
therefore prone to signal-independent CLFT.
Signal-dependent CLFT, which is mainly caused by the injection of the
channel charge on to the capacitor plates, is much more difficult to reduce since it is
inherently in-band. This is unfortunate, since the phenomenon leads to distortion in
the processed signal. It has been shown that the use of dummy switches does not
reduce signal-dependent CLFT [54,55]. Another form of reducing CLFT is to use
transmission gates [52]. It has been shown that clock feedthrough is reduced when
transmission gates with identical geometry are used and switched simultaneously at
slow speeds [52]. Simultaneous switching is difficult to guarantee in large systems.
Additionally, the cancellation of CLFT relies on the matching the effective overlap
capacitance on the p- and n-type transistors, which can be different even when
layout has identical geometries. For example, in the reference [54], the measured
effective overlap capacitance of two self-aligned p- and n-type transmission gates
with W/L=6jJ.m/3|Lim differ by as much as 90%. Moreover, as shown in [54], this
cancellation is very sensitive to the clock skew and turn-off rates.
It has been shown that the use of certain (more complex) switching patterns
in conventional parasitic insensitive integrators reduces both the signal-dependent
and the signal-independent CLFT [62]. Additionally, using more elaborate circuits
and complex switching wave forms, CLFT compensated sample-and-hold circuits
and SC amplifiers have been developed [144-145]. Using these circuits, a CLFT
compensated integrator can be formed, but require at least two amplifiers. Although
these circuits will reduce the signal-dependent CLFT in single path circuits, they
cannot be used in PNP circuits and therefore a new circuit is proposed in the next
section.
A proposed solution to substantially reduce CLFT in PNP circuits
This proposal is based on the optimised timing mechanism for SC circuits
suggested by Haigh [62]. Figure 4.45 shows the proposed CLFT compensated PNP
integrator for N=3 with its clocking scheme. At the input stage, it uses the principle
of reducing CLFT given in [62]. In that scheme, the switches connected to the
amplifier input are opened first and closed last. Therefore any CLFT charge from
the rest of the switches does not affect the charge stored on the integrating
capacitor. Additionally, a CLFT compensated sample-and-hold circuit given in [54]
is also used. (The clocks given in brackets are for the non-inverting integrator.) This
circuit uses additional clock cycles and a differential scheme of cancelling the
CLFT charge introduced during the sampling phase.
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F igu re 4.45: CLFT compensated circulating delay PNP integrator

The operation of the circuit will be explained starting with the timing instant
shown by the dotted line in figure 4.45. This represents the beginning of the turn
off stage of the integrating phase labelled II in figure 4.45. Just before this stage,
the switches with the clock phases la, 2a, lb, 2b, el and e2 are closed. Therefore
the incoming charge that is sampled on Cl gets transferred to C2, where it is added
to the integrated charge of the path-1, which is stored in C5. The switches with
clock phases la, 2a and e l are turned off, which disconnects the feedback path.
Any charge that is injected on this switch transition will not be signal-dependent
since all the switch nodes are at virtual earth potential. When the switches with
clock phases lb and e2 are turned off, no CLFT charge is injected. This is because
there is no feedback path and one of the capacitor plates is floating.
The next cycle is the charge circulation phase CPI, where the integrated
charge of path-2, which is stored in C4, are transferred to C5. The switches with
clock phase 2b are turned on, but no signal-dependent charge in injected since one
of the nodes of both the capacitors C4 and C5 are floating. The switches with clock
phases 2a and 3a are then turned on, completing the feedback path and the charge
on C4 is transferred to C5. Once again, any CLFT charge that is injected will be
signal-independent, since the switch nodes are at virtual earth potential. When the
charge transfer is completed, the switches with clock phases 2a and 3a are turned
off. This removes any signal-independent charge from the plates of C4 and C5 that
is injected when the these switches were turned on. Therefore the charge that is
transferred to C5 from C4 is free from any CLFT charge. Similarly the charge in C3
(integrated charge of path-3) is transferred to C4 in CP2 and the charge in C2
(integrated charge of path-1) is transferred to C3 in CP3. In addition. C l is
discharged during CP3 so that the next input for path-2 can be sampled.

174

-10

r__ M easured partly co m pensated

L-

M easured uncom pensated

r- S im ulated

-40

-50

----1------ 1------ 1------601------ 1------ 1------ 1------ 1------ 1-------1—U
4000

4200

44 0 0

4600

4800
5000
5 200
Frequency /H z

5400

5600

5 800

6000

F igu re 4.46: The bandpass response o f a circulating delay conventional-P3P configuration that is
partly compensated for CLFT

Unfortunately, the proposed CLFT compensated technique cannot be
verified using the ICs fabricated since all the switches in the filter cannot be
accessed separately. However, it was possible to access the switches of the
integrating capacitor bank and hence the CLFT compensation technique proposed
for the circulation of charge can be to test. Figure 4.46 shows the measured data
with the partly compensated clocking scheme and compares them with the
simulated data and the uncompensated measurement that is given in figure 4.36. As
shown, the measurements from the partly compensated circuit have a transmission
zero, but the stopband rejection is lower by 12dB. The scheme certainly made a
difference, but, while the proposed scheme is expected to be more efficient than its
predecessors, verification has to remain inconclusive.
Further analysis on the partly compensated circuit showed that when the
compensation is applied only to the integrating capacitors, it affects the input stage
of the non-inverting integrator. As shown in the circuit diagrams given in figures
3.7 and 3.8, the non-inverting integrator’s input is sampled from the outputs of
inverting integrators. With the clocking scheme used, the feedback branch of the
inverting integrators is broken before the output is sampled by the non-inverting
integrator. If the input stage was sampled first, then the there will be CLFT charge
injected at the input of the inverting stages. Unfortunately, the clocks used for the
inverting and non-inverting stages cannot be isolated. However, in future versions,
this can be corrected by having the additional CLFT compensated sample-and-hold
circuit that is shown in figure 4.45.
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4.5 SUMMARY AND CONCLUSIONS
The fabrication and measurements were presented and the results discussed
in this chapter. In all, 5 ICs with a total chip area of over 60mm^ were fabricated
and tested. In the introductory section, details of the IC layouts, pin-outs, chip
photographs and the pictures of the populated PCBs were presented. In addition,
relevant details of the PCB design and layout were discussed.
The preliminary work involved the design and testing of a complete PNP
filter and test circuits on a single IC. Few measured results were obtained from this
IC, but valuable experience was gained and therefore the key results were
presented. The precautions taken in the PCB layout were shown to be sufficient and
the digital section of the IC was shown to worked as expected. However, in the
analogue sections, it was shown that a parasitic diode structure was found, which
prevented proper biasing of these circuits. This structure was discovered largely due
to several extensive test circuits that were implemented, and therefore the
importance of proper test structures was highlighted. The main conclusion reached
from this preliminary work was to split the implementation of the demonstration
filter into several smaller ICs and to wait for the results from one set of chips before
proceeding to the next batch.
The next batches of ICs were split into two: the first with the sub-circuits,
which include the amplifiers, clock generators, butters, etc., and the second that
included several first-order filters and the main filter. The measurements made for
the sub-circuits were then presented and the results discussed. Except for a few
measurements, all the other measured results were shown to be within the
simulation range. In the buffer circuit, the power and the output impedance were
1.6% and 8.3% higher than the simulated data and that this increase was due to the
inaccuracy in the current mirrors used. For this reason, more accurate current
mirrors were employed in subsequent designs. From the amplifier measurements,
the internal bias voltages had deviations of up to 14%, which was due to large
variations in the transistor aspect ratios in the implemented bias chain. However,
this did not affect the characteristics of the amplifier appreciably, and it was shown
that the AC and DC measurements agreed with the simulation results. Also, the
variable gain feature implemented was shown to work as expected. From the
measurements of the clock drivers and transmission gates, it was shown that they
worked as expected, but the transmission gate exhibited a higher clock feedthrough
than that predicted by simulations. This was reflected in the measured distortion
levels, but they were below 75dB for IV peak-to-peak signals and therefore it was
wrongly concluded that this will not cause problems when they were used in the
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PNP architecture. Later measurements, on other circuits, were to reveal the
shortcomings in the understanding of the (complex) phenomena of clock
feedthrough in PNP circuits. The third batch of ICs, which consists of the first order
filters and the main filters, was therefore fabricated with the modifications
discussed, but without additional features to reduce clock feedthrough.
Measurements on the third batch of ICs were then presented and the results
discussed. The first order and the single-path third order filters were shown to work
as expected, and the results showed deviations of less than 0.1±0.015dB in the
passband when compared to the simulation results. The effect of the amplifier gain
on these single-path circuits was difficult to measure with the instruments used.
However, they were shown to be consistent with the simulation data. The results of
the main PNP filter were then presented and the results discussed. The insertion
losses and -3dB frequencies of the lowpass response of the PNP filters were shown
to be within 1.2% of the ideal, but the bandpass responses were shown to be highly
distorted. From the limited measurements of the bandpass responses that were
obtained, the noise floor of the conventional configurations was when to be 20dB
below that of the FGI circuits. Also the responses of the RAM-type configurations
were shown to be much closer to the ideal response than that of the circulating
delay-type configurations. However, the RAM-type circuits cannot be used in UNB
filters that require high dynamic range, since they have a high clock feedthrough
noise at the centre of the passband.
The reasons for the high distortion in the bandpass response were then
investigated and the results were presented. Using detailed time-domain analysis, it
was shown that the cause of this distortion was due to the high signal-dependent
clock feedthrough in the PNP circuits. The offset voltages resulting from clock
feedthrough do not affect the lowpass response appreciably, but cause large
distortions in the bandpass responses. Measured time-domain results were then
presented to support this analysis. From this analysis, a configuration was suggested
that will reduce the effect of clock feedthrough in PNP circuits, and some measured
results were presented to support the theory. However, the full scheme presented
cannot be tested using the fabricated ICs.
It was unfortunate that the effect of clock feedthrough was not fully
appreciated at an early stage of the implementation exercise, but the limited
simulation tools and the time available prevented a more thorough analysis of the
circuit to be conducted before they can be fabricated. It is recommended that, when
implementing complex analogue structures such as UNB filters, more elaborate
simulation tools be used to verify the designs before fabrication.
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5.1 INTRODUCTION
This chapter gives detail of the new circuits and architectural developments made
for the implementation of UNB-SC filters. The first section describes a novel SC
integrator that can replace the SSC-FGI integrator used in the PNP path filters of
the UNB circuits described in chapter 3 of this thesis. The integrator is analysed to
give theoretical values of gain and phase errors as a function of the amplifier gain,
which are then verified with simulations. The gain and phase errors are compared
with other similar integrators, which shows that the new integrator has one of the
lowest gain and phase errors. It is estimated that the use of this SSC integrator will
reduce the chip area by about 40-50% when compared to the previous SSC circuit
[106] without reducing the circuit performance appreciably. Simulation results are
given for this integrator when used in a PNP circuit and are compared with the
conventional and SSC#1 circuits. Measured results of a first-order filter
implemented using this new integrator and fabricated using the MIETEC 2.4|im
CMOS technology are also presented.
The second section describes a method to overcome the demand on the
component accuracy of high-Q SC filters by using an external precision voltage.
This circuit can also be used to implement continuously programmable high-Q
filters. This is useful for UNB filters since this technique will enable on-line control
of its centre frequency and Q, and facilitate their use in adaptive filter applications.
The design approach is presented with an example first-order filter. A simple
control circuit is also presented for the circuit and its non-ideal effects are analysed.
Measured results for a first-order tunable SC filter, which is implemented using
discrete components, are also presented.

5.2 SSC-FGI INTEGRATOR #2
This section gives the design and analysis of the new Same Sample Correction
(SSC#2) integrator. Theoretical values for the gain and phase errors are calculated
and verified using simulations. Additional simulation results of a PNP filter
implemented using this circuit are given. Measured results of a first-order filter
implemented using this new integrator are also presented.
It has been established that the phase error of a Switched Capacitor (SC)
integrator is of crucial importance to high-gain filters [47]. This led to the
development of Finite Gain Insensitive (FGI) integrators where the phase error is
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proportional to 1/A^ (A is the amplifier gain) [79-87]. The Nagaraj-86 integrator
[85] is well established, although it has the disadvantage of requiring a three-phase
clock to implement a two-integrator loop. This problem was overcome in a
modified version of the circuit [84,146]. In common with previous FGI circuits,
however, reduction in the phase error for this integrator was obtained at the expense
of increased gain error. The Betts-90 circuit [106,117] is the only FGI integrator
that simultaneously reduces the gain and phase errors, and enables it to be used in
applications where the integrating capacitors are multiplexed. It is quite complex,
however, and has a phase error that is slightly larger than other FGI-SC integrators.
It also requires doubling the number of capacitors and switches and thereby
increases the overhead cost in a monolithic implementation. Further investigation
into this circuit resulted in a novel integrator with similar properties, but with a
simpler implementation. This circuit will be described in detail in the following
sections.

5.2.1 Single-path FGI integrator
This section gives the operation, analysis and simulation results of the new
integrator when used in a single-path circuit. Signal flow graph techniques are used
to obtain the theoretical gain and phase errors. The parasitic effects on the gain and
phase errors are also analysed.
The new FGI integrator configured as a single path non-inverting integrator
is shown in figure 5.1. It uses a three phase clock and finite gain insensitivity is
achieved by sampling the error voltage at the input of the amplifier in one phase
and correcting for it in the subsequent phase. The third phase is used to discharge
the input capacitor before the next charge transfer.
C2
Cl
0—
0

Ch

Figure 5.1; Single path FGI integrator

Operation o f the integrator
The configurations of the circuit in the three phases are shown in figure 5.2.
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C2
Cl

Hh

Phase 1

Phase 2

Ch

Phase 3

F igu re 5.2: The FGI circuit’s configuration in the three phases

In phase 1 most of the charge on C l gets transferred to C2 through node v.
Some residual charge remains on C l due to the error voltage at node v, which is
given by CIVqVA (where

is the output voltage in phase 1 and A is the

amplifier gain). During this process a small amount of charge is lost to the error
correction capacitor Ch, when it samples the error voltage at the input of the
amplifier. In phase 2 the charge trapped on Ch forces the node x to a Super Virtual
Earth (SVE) voltage, Vx^ given by:
(5.1)
which is very close to zero since

irrespective of the initial condition of the

circuit. This ensures that the remaining charge on C l gets transferred to C2 through
node

X,

giving a highly accurate output. (When configured in an integrator loop, an

approximate output is sampled in phase 7, while the accurate output is sampled in
phase 2.) In phase 3, the capacitors C2 and Ch are connected in the same
configuration as that in phase 7. However, the charge on C2 has been changed by
the additional charge from C l during the previous phase and hence there is a small
redistribution of charge between C2 and Ch. This redistribution reduces the charge
lost from C2 over the full cycle, since some of the charge initially lost in phase 7 is
pushed back onto C2.
Analysis o f the integrator
The signal flow graph (SFG) and equations of figure 5.3 may be derived by
considering charge conservation between different phases of circuit operation. Then
using Mason’s Rule, the transfer function of the integrator, sampled at phase 2 is
calculated and is given by (5.2).
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(5.2)
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F igu re 5.3; Signal Flow graph for the analysis o f SSC #2 integrator

The equation (5.2) can be rearranged in the form:
(5.3)
^

l-m (c o )-;0 (c o )
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where Hi((û) is the ideal transfer function, m(co) is the gain error and 0(co) is the
phase error [47]. This gives:

(5.4)

1
0(oo) ~ —
2A ^tan(m T/2)Q

(5.5)

The phase error expression is identical to several other FGI integrators,
while the gain error is amongst the lowest. The value of the holding capacitor is not
crucial, but is limited by the parasitics since it forms a potential divider along with
the parasitics at the input of the amplifier during phase 2. Figure 5.4 shows the
simulated gain and phase errors of the integrator for an integrator gain of 5
(C2/Cl=C2/Ch=5) using SWITCAP. It shows that there is a close agreement with
the theoretical calculation.
FGI integrator with a eain=5 and an am plifier gain=50
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Figure 5.4; Simulated gain and phase errors of the integrator compared to the theoretical values

Parasitic effects
C2

Cl
O— D

Ch
C4

C6

C5

F igure 5.5: Single path SSC #2 with the parasitic capacitors
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Figure 5.5 gives the single path FGI integrator including the parasitic
capacitors. The analysis of this circuit, following the same procedure given in the
previous section gives:
+

m(cû) ~ —^ ^
A

0 (

cl) )

=

—

1
2A nan(cor/2)

(5.6)

(5.7)

This shows that, to first order, the integrator is insensitive to the amplifier
gain even when the parasitic capacitors are included.

5.2.2 C om parison with oth er FGI integrators
The integrator is compared with other FGI integrators using the a p y notation
proposed in [82,86].
The apynotation f821
For an ideal delay-free inverting SC integrator, the output v„(n) in time
domain can be expressed as:
v^{n) = -k v -M + v,(n -1)

(5.8)

where k is the gain of the integrator and index n specifies the period
nT <t <(n+l/2)T. In the non-ideal case, the above equation will be modified by the
finite gain and offset voltage of the amplifier as follows:
K («) =

(«) +

(n -1 ) +

(5.9)

where Vos is the offset voltage. Here a modifies the gain of the non-ideal
integrator, p is the new pole location and y is the suppression factor of the offset
voltage. In the ideal case, a = p = l and y=0. If a=l-i-A a and p= l+A p such that
A a ,A p « l, then the gain error is given by:
m(co) ~ A a - A p / 2
for all

CO.

(5.10)

Also for FGI integrators A p « A a and hence m(co) = A a . The phase error

is given by:
(5.11)
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For A p « ( o T « l , 0((o)«Ap/cc)T. Therefore it is solely Ap that determines the phase
error. [82,86]
Table 5.1 gives the a , p and y values of this new integrator. Table 5.2
compares the integrator with others as gain and phase error improvements when
compared with the conventional integrator [14]. The Gain Improvement Factor
(GIF) is defined as the gain error of the integrator divided by the gain error of the
conventional SC integrator. The Phase Improvement Factor (PIF) is also similarly
defined. The Table 5.2 shows that the SSC#2 integrator has its gain error reduced
by C2/Ch and its phase error reduced by A. The table also compares the number of
switches used, the area of the capacitors, the capacitance spread and the number of
capacitors used for a single integrator. For UNB filters the capacitance spread and
the area of the capacitors are important since the spread is normally of the order of
Q

Table 5.1 apy values for the integrator.
^

l + p,(2 + 2k)
1 + p(2 + 2k + k' ) + p (1 + 2k + k' +kk' +k )

1+ Aoc ~ 1 —k'p.

1 + p(2 + 2k + k' ) + p^(l + k + k' +kk' )
1+ p(2 + 2k + k' ) + p^(l + 2k + k '+ k k ' +k^)

1+ Ap = 1 - kp

P=

y=

______________ k (l + k)p
1 + p(2 + 2k + k' ) + p^(l + 2k + k' +kk' +k^)

y = kp

p = l/A (A is the amplifier gain)
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Table 5.2 Comparison of SC FGI integrators.
Circuit

PIF

iWii®

iNoS

AoC

Conventional
[14]

\+k

Tem es-84 01
[83]

A

\+ 2 k

Tem es-84 0 2
[83]

A

\+ 2 k

Ki-89, Betts-90
[84,146]

A

2+ k

\+k

N agaraj-86 ^
[85]

[+k

24-2Æ

Larson-87 0 2
[81,147]

\+k

Tem es-89 01
[82]

\+k

Tem es-89 0 2
[82]

1+

SSC-FGI#2

l+ k + k ’

i + k + k'

Larson-87 01
[81,147]

Betts-90
[117]

CS

\+ 2k+ 2k'^

\ +k
2+k
A

\+ 2k+ 2k'^

\+k
l+ 2 k + 2 k ’

(1+A:)

3 {l + k - k ' )
i+k

A

k'
k= C l/C 2; k’=Ch/C2; k,k’ «1; A=amplifier gain; 01 or 0 2 indicates when the output is sampled.
GIF Gain Im provem ent Factor compared to the basic-79 integrator.
PIF Phase Improvem ent Factor compared to the basic-79 integrator.
NoS N um ber of Switches.
AoC Area o f Capacitors.
CS Capacitance Spread.
NoC - N um ber of Capacitors.
bConditional on that the holding capacitor Ch=C5.
frequires at least a 3-phase clock to implement an integrator loop.

5.2.3 Sam e Sam ple Correction properties of SSC#2
This section analyses the Same Sample Correction (SSC) properties o f the new
integrator and gives the theoretical values for the gain and phase errors for an SSCFGI integrator. Simulation results are also presented for this circuit, which are then
com pared to those obtained using a conventional circuit and another SSC -FGI
circuit.
SSC FGI integrators correct errors due to finite gain within one clock cycle
of operation. This is an important property, which allows the integrator to be used
in pseudo-N -path filters, and hence in the N*M -path architecture for UNB filters.
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O f all the FGI integrators available from the literature, Betts-90 [117] in the only
circuit that exhibits this property. Analysis o f the new integrator showed that it
exhibits SSC properties under certain conditions.

02
Ch

Figure 5.6: SSC-FGI Integrator

Figure 5.6 shows the circuit configured as an inverting SSC-FGI integrator
with the clocking scheme. The clock phases, l e and l o are identical to the previous
clock phases, 1 and 2, but with the output being sampled at phase lo . In the clock
phase 2, the capacitor C l is discharged while the capacitors C2 and Ch retain their
states until the next period. Since there is no redistribution o f charge (as in the
previous phase 3), the gain error is slightly different. The gain and phase errors for
this integrator are:

(5.12)

0(co) = -

1

C,

2A^tan(coT/2)

(5.13)

It can be seen that the gain error is slightly m odified, but the phase error
rem ains the same as the single-path SSC#2 integrator, em phasising the low loss
properties of this integrator. Figure 5.7 shows the simulated gain and phase errors
of the integrator for an integrator gain of 5 and an am plifier gain o f 50. It also
show s the responses o f the B etts-90 S SC -F G I [117] and the c onventional
integrators. Compared with the Betts-90 integrator, the gain error is increased, but
when compared with the conventional circuit, the gain error is reduced by 0.15dB.
The phase error, however, is reduced to half that of Betts-90 integrator.
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SSC-FGI#2 integrator compared with other integrators
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F igu re 5.7: Gain and phase errors o f the SSC#2 integrator

For high-Q filters, the ratio C2/C1 tends to be large and hence the ratio
Ch/C2 can be very small. For Ch/C2 «

1, the charge lost to Ch when sampling the

error voltage in phase l e is small (see figure 5.7). This ensures that, when the
charge on C2 is corrected in the phase Jo by the residual charge from C l, the total
loss of charge within the cycle is negligible. Under this condition, the circuit
exhibits SSC properties, and can easily be converted to a FGI-PNP integrator.

5.2.4 Finite Gain Insensitive pseudo-N -path integrator
This section gives the simulation results of a FGI-PNP circuit obtained using the
new integrator. The results are also compared to those obtained using the
conventional and the SSC#1 circuit.
A 3-path circulating delay SSC#2 integrator is obtained by replacing C2
with the integrating block as shown in figure 5.8, with C2a=C2b=C2c=C2d « Ch.
The clocking scheme is simply an extension of the single-path SSC integrator. The
clock phase 1 is identical to the single-path circuit, but with two input capacitors C l
and C2a. In subsequent phases, when charges are circulated among the holding
capacitors, the charge transfer occurs in two stages. In the e-phase, most of the
charge gets transferred to the holding capacitor through the virtual ground on the
amplifier. During the subsequent o-phase, the charge trapped on Ch forces the node
X to a SVE voltage, which forces the remaining charge to be transferred. The
pseudo-N-path filters designed using this SSC#2 integrator have fewer components
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than that achieved using the SSC#1 integrator given in [117], since the capacitors
and switches are not duplicated.
C2x

Cl
Ch

C2d
C2c
C2x
C2b
C2a

F igu re 5.8: SSC #2 pseudo-3-path integrator with the clocking schem e

C lc
C lx

C lb

Ch

=& C 2b
^

C ld

C2x
Ch

C3c

C3d

4 = C2b

- L C2c

C3x
Ch

C lx = 2 8 .8 2 ; C l b = 1 .7 ; C I c = 1 .2 4 ; C l d = 1 .3 ; C l e = l ;
C 2 x = 3 7 .0 2 ; C 2 b = l .4 6 ; C 2 c = 1 ;
C 3 x = 2 3 .2 3 : C 3 b = 1 .5 3 ; C 3 c = 1 .7 3 ; C l d = l ;

F igu re 5.9: Pseudo-3-path filter, based on SSC #2 integrator with the clocking schem e
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Figure 5.9 shows a circulating delay pseudo-3-path filter was designed using
this integrator based on a third-order elliptical filter to give a bandpass Q of 50 and
a pass band ripple of O.ldB. Figure 5.10 shows the simulated response using
SWITCAP and compares it with that obtained using the SSC#1 and conventional
circuits. The response for the new circuit showed a deviation of less than 0.04dB,
when compared to the ideal response. Although, compared to SSC#1 circuit, the
insertion loss is slightly higher (0.02dB), the response is clearly superior to that
obtained using the conventional circuit. For the latter, it can be seen that the pass
band shape has been lost and a significant amplitude error (>3.6dB) and a centre
frequency shift has occurred. It can be shown that, to obtain a response similar to
the new circuit with a gain of 60dB, the conventional circuit would require an
amplifier gain of over 80dB.

I

I

idea

r.

SSC #

-10
o o conventional

19.1

19.85

19.9

19.95
20.05
20.1
Frequency / kHz (Fs=60kH
z)
:60kHz)

20.15

20.2

20.25

Figure 5.10: Comparison o f circulating delay pseudo-3-path filters

5.2.5 Verification by im plem entation
This section describes the circuits implemented using the MIETEC 2.4)Lim CMOS
technology to verify the operation of the new integrator. It was decided to
implement a first-order filter to verify and characterise the circuit, since it can be
implemented using less chip area, and any results obtained can be used to estimate
the performance of higher order filters. To reduce the chip area of the multi-path
circuit, a pseudo-1-path block shown in figure 5.11 was used. This block has a
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single integrating capacitor and one auxiliary capacitor, and by transferring the
integrated charge to and from these capacitors some of the effects of PNP circuits
can be simulated. For example, any noise injected by the switches will be
comparable to that of the PNP filter. The charge on both the capacitors, however,
will be similar and therefore the error voltage at the amplifier inputs due to finite
gain of the amplifier will also be similar. This is in contrast to PNP circuits where
the charge on the integrating capacitor bank can be very different, and hence the
error voltage at the input of the amplifiers will be different between successive
cycles of operation. Therefore, the effect of charge loss in PNP circuits due to the
finite gain of the amplifier cannot be simulated with the pseudo-1-path block. (It
was later realised though that, if the value of the two capacitors were different, then
the voltage at the amplifier output will be different for the two phases. Hence the
effects of charge loss due to the finite gain of the amplifier can infact be simulated.)
In addition to the SSC#1 circuit, three other control first-order filters were
also implemented. All the filters are designed to have a cut-off frequency at fs/100,
where fg is the sampling frequency. The unit capacitor used is 400fF. Figures 5.115.14 show the schematics of the filters that were fabricated. They are:
circuit-1

p ip filter based on SSC#2

circuit-2

p ip filter based on SSC#1

circuit-3

p ip conventional filter

circuit-4

conventional single path control filter
clc

clb

cla

-#

C la = 1 5 .3 5 ; C l b = l ; C l c = l ; C h = l

Cf2
Cla,b

-4
Cfl ,1 ' /
rfr

Y
_ rn _ rT T _ rT i_ rT T _ rn

_JF|_Jô]_JëLJôT_JêLJôLJël_Jôl_Jë]_Jôl
F igu re 5.11; First-order pseudo-1-path FGI filter based on SSC#2
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c lc
c lb

ch
c2b
c2a H
c2c
C la = I 5 .3 5 :C lb = l;C lc = l;
C 2 a = 1 5 .3 5 ;C 2 b = l;C 2 c = I ;

—
I ru

2

~ l\

ru

2 ~~l\

n

F igu re 5.12: First-order pseudo-1-path FGI filter based on SSC#1

c lc
c lb
c la

C la = 1 5 .3 5 ; C l b = l ; C l c = I ;
C 2 a = 1 5 .3 5 :C 2 b = l;C 2 c = l:

j~Tij~T\r~r\j~T\r~n
JTl_Jol_J71_Jôl_JëT_J^ljrë]_JôlJT^
F igu re 5.13: First-order pseudo-1-path conventional filter

c lc
c lb
c lc

C la = l5 .3 5 ;C lb = l;C lc = l;
C 2 a = 1 5 .3 5 ; C 2 b = l ; C 2 c = l ;

F igu re 5.14: First-order conventional filter for control
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5.2.6 M easured resu lts
This section gives the measured results of the first-order filters (circuits 1-4)
fabricated on the UNB#4 IC. The measured frequency response of the circuit-2
(SSC#1) will not be presented since it is given in section 4.4.
A PCB was designed following similar precautions described in section
4.2.1. and made to test the fabricated IC. Commercial sample-and-hold circuits
(AD781) were used both at the front end and the back end of the filters. The block
diagram of the test configuration is given in figure 5.15.
output

input

500

S/H
AD781
s a m p le - a n d - h o ld

Circuit
under test

S/H
AD781

b u f f e r a n d filte rs

SMA

SMA

F igu re 5.15: The test configuration o f the circuits

Frequency responses
All the measurements of the frequency response are obtained using a
sampling frequency, fg, of 62.5kHz, and therefore the expected -3dB frequency will
be at 627Hz. Measurements of the conventional circuits (circuits 4 and 5), showed
that they work as expected. When compared with the simulations, the maximum
deviation in the passband is (0.01±0.015)dB. Figure 5.16 shows the frequency
response of the new circuit (circuit-1) and compares it to the simulated data for an
amplifier gain of 5000. The measurements showed a maximum deviation in the
passband, when compared to the simulations, is 0.01 ±0.015dB. The measured -3dB
frequency is 630±17Hz.
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-10

3-30

simulation
-4 0

:++ measured
-5 0

-6 0

Frequency /Hz

Figure 5.16; Measured frequency response o f the circuit-1 compared with the simulations (simulated
result for a conventional circuit with A -> < » , measured SSC FGI circuit with A =5000)

0 .4

0.3

FGI

0.2
conventional

I
-

0.2

-0 .3

-0 .4

Frequency /Hz

F igure 5.17: Measured difference in the frequency responses o f the circuit-1 and circuit-3, when
compared to the ideal (ideal result for a conventional circuit with A - > ° o , measured
conventional and SSC FGI circuit with A =5000)

Figure 5.17 showed the errors in frequency responses of the circuit-1 and
circuit-3 (the convention control filter), when compared to the simulation data. As
shown, the error in frequency response of the new circuit is similar to the
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conventional circuit, which verifies the operation of the circuit when configured as
a lowpass filter with a high sampling rate. Unfortunately, the effects of the finite
gain cannot be measured because they can only be observed when used in a PNP
configuration.
Noise measurements

The noise generated by the circuit was measured by taking the average of three sets
(each of 100 sample points) in the frequency range lOOHz to IkHz (passband).
Table 5.3 gives the results of these measurements.
Table 5.3 Measured noise values in [dBm/Vffz].
circuit

single>path

sim ulated
7-path

error
m argin

SSC#2

-100

-95

±5

SSC#1

-102

-100

±5

Conv

-102

-95

±5

The noise values of the single-path filters are similar, and found to be
dominated by the amplifier noise. However, for the pip configuration, when
simulating the effects of a 7-path filter (i.e. the charge is shifted among the
integrating capacitors 7 times before being sampled), the results are different. Both
the SSC#2 and the conventional circuit showed an increased noise value, but that of
the SSC#1 circuit did not change appreciably. As shown in figure 5.12, the SSC#1
circuit uses two separate banks of capacitors for the estimation and correction
phases. Therefore any noise voltage generated during the estimation phase will not
affect the voltage sampled during the correction phase. For the SSC#2 circuit,
however, the same capacitor is used during the estimation and correction phases
and therefore any noise voltage sampled during the estimation phase is added to the
output voltage sampled during the correction phase.
The results suggest that the use of the SSC#2 circuit in a PNP configuration
will have a slightly lower dynamic range than that with a SSC#1 circuit. However,
because the SSC#2 circuit has a lower capacitance area, it is possible to increase the
unit capacitor size while still maintaining a total capacitance which is less than that
of SSC#1 circuit. This will result in an increase in the dynamic range of the filter.
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5.3 IMPROVED TUNING TECHNIQUE FOR SC FILTERS
This section describes a novel tuning technique that can be used for wide-ranging
and continuous tuning of any circuit parameter (i.e. the centre frequency, Q, etc.)
that is determined by a capacitor ratio. There are many applications that require
integrated filters with separately tunable centre frequency and Q. Such integrated
filters remove the need for external precision components or component trimming.
Due to the several advantages of the SC approach (see section 1.3), such
programmable filters have been implemented using the SC techniques [148-158].
As an example, programmable FIR filters [159], phase shifters [156], filters
required for audio spectrum analysers [160] and mobile-radio systems [41] have
been implemented. This tuning technique is also useful for UNB filters since it will
enable on-line control of the centre frequency and Q of a filter, therefore allowing
them to be used in adaptive filter applications such as line equalisers [154,161-163].
Tuning an SC filter is generally accomplish by using a switched bank of
capacitors. This form on tuning has, however, two main limitations. Firstly,
undesirable phenomena occur at the instants when the capacitor banks are changed.
These include switching noise, DC offset jumps and other transients. A solution to
this has been demonstrated using two identical programmable filters connected in
parallel and switching the output when one filter is changed [155]. This, however,
doubles the chip area and power consumption. A second major limitation is the
range and resolution of programmability. A capacitor bank is usually made up of a
set of independently switched capacitors where the values of adjacent capacitors in
the bank bear a binary relationship to each other. The capacitance spread in the
bank is linearly related to the tuning range and the number of switches dependent
on the required resolution. Multiple banks may be needed to control a single filter
parameter, and a considerable chip area is therefore paid [148-149].
As an alternative to the SC approach that uses capacitor banks, timing
techniques can be used to tune filter characteristics. In such filters, the filter
characteristics are varied by changing the effective value of a passive resistor using
different clocking patterns [157,164-165]. Although this approach is simpler than
using capacitor banks, it cannot achieve continuous tuning. Additionally, their
characteristics are sensitive to the pulse width of the controlling clock.
By contrast, MOSFET-C and Gm-C techniques may be used to provide
filters with continuously variable characteristics [7]. However, to compensate for
fabrication tolerances in both resistive and capacitive elements, feedback control
circuits are needed. Such control circuits are usually based on a master-slave
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architecture that require a considerable part of the filter to be duplicated, which
increases the chip area and power consumption. Additionally, the component
tolerances must be taken into account in the design and so the effective tuning
range obtained is relatively small.
Recently, a tunable transconductance SC filter was proposed that can
achieve continuous tuning without using capacitor banks. This is achieved by using
tunable transconductance amplifiers as tunable elements. These filters, however,
require relatively complex control circuitry, since each transconductor must be
tuned separately. This new approach uses a very flexible technique that combines
the precision and economy of the SC approach with the facility for continuously
variable tuning offered by the continuous-time active-RC methods. Although banks
of switched capacitors are not required, the technique requires some additional
control circuitry, but without the need for a full master-slave arrangement.
In the following sections, the new design approach is first presented which is
followed by a control strategy that can be used with such a filter. A simple firstorder tunable circuit is then presented and its non-idealities analysed and discussed.
This filter was implemented using discrete components and the measured results are
presented and compared with the theory. Finally, a design example is presented
with simulation results for a tunable UNB filter that has Q variation from 50 to
5,000.

5.3.1 D esign a p p ro ach

/ -

control voltage
Vc

aVoy
Cl

Cl

Vin
/ -

Vo

Figure 5.18: Programmable SC filter based on a lowpass first order prototype filter

The proposed tuning method is illustrated using the first-order filter shown
in figure 5.18 Analysis reveals the following transfer function:
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out _

Vin

C,/C 3
l + a C j / C j O - z " ')

(5.14)

where a is a variable parameter realised by a voltage-scaling sub-circuit (VSC).
The -3dB bandwidth, fpb.sp, of the system is approximately:

Jf p bh, s p - —
2 ^

(5.15)
a C27

where f§ is the sampling frequency and the DC gain is C1/C3. The bandwidth is
therefore proportional to a. Using this method VSCs can be used to independently
control fo and Q or, alternatively, Q can be controlled by a VSC with fg controlled
by the sampling frequency. This principle can be extended to higher-order filters
and other more complex circuits where the VSC block effectively replaces a bank
of switched capacitors. The use of this technique in an application, however, relies
on controlling the scaling factor, a , to a required precision. A control strategy that
can be used in precision applications will now be explained.

5.3.2 Control stra te g y
Since the time constants of an SC circuit, such as that shown in figure 5.21, are of
the form a (C 2/Ci)T, where T is the period of the externally generated clock and
since C2/C 1 and T are known to high levels of accuracy, to obtain an equivalent
level of transfer function accuracy, it is only required to specify a precisely. This
can be achieved by means of a simple feedforward control circuit as shown in
figure 5.19.
control voltage shared
with the slave circuit

Vr2
V rl

Figure 5.19: Feedforward control circuit for the tunable filter

Analysis of the feedforward control circuit gives:
1+
V,rl

V,r l

KAV.r\

y

rl

(5.16)
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where K=a/Vc, A is the amplifier gain and Vj-i and Vr2 are DC reference voltages
used to control a. The approximation given in (5.16) is accurate for K.A.V^i »

1,

which is easily achievable in practice and hence a is determined only by two
precision DC voltages.
The effectiveness of this new tuning circuit, however, relies on accurate
matching between the VSCs used in both the control (master) and the filter (slave)
circuits. Additionally, any non-linearity of the scaling circuit will cause distortion in
the output. These issues will now be addressed in the following sections

5.3.3 G eneration of control vo ltag es
A practical solution to the problem of controlling Vri/Vr2 to the required accuracy
over a sufficient tuning range is to use a high-precision D-A converter, driven by a
digital control circuit. Since the bandwidth of the control circuit may be very small,
a highly economical converter, based on the single-slope conversion principle, may
be employed. In an example circuit, shown in figure 5.20, a switched-capacitor
ramp-generator and a sample-and-hold have been inserted and connected to the
inverting input of the amplifier of figure 5.18, and use the Vri as a reference
voltage.

V rl

control voltage shared
with the slave circuit

C2

; Vc

controlled—

4)0 _ n ___________ TL
n

4)2rLn_J1

rLTLTL.

Figure 5.20: Circuit for controlling VSC that does not require precision voltages

The operation of the circuit is cyclic with a period set by the clock 4)1, which
drives a switch to reset the ramp. The timing of 4>0 is such that the sample-and-hold
circuit takes the peak value of the ramp just before the reset operation. When 4>1 is
low the output of the upper amplifier increases by one step for every 4>2 cycle.
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where the size of the step is determined by the reference voltage input and the
capacitor ratio C1/C2. The maximum voltage out of the ramp generator in one (j)l
period is therefore:
V ,2 = ( N - \) a ^ V ,y

(5.17)

where N is the number of (|)2 cycles that occur in one (|)1 period. Combining
equations (5.16) and (5.17) gives:
a = (M -i)^

(5.18)

It can be seen that, to a good accuracy, a depends only on a capacitor ratio,
and a known constant, N, and is independent of the reference voltage, Vri. The
maximum value for N is the maximum number of (j)2 clock period allowed in one
(|)1 period, which may be very large. It is determined by the required response time
of the control system and the minimum clock frequency of the SC circuit as
determined by charge-leakage considerations. A simple counter, driven by (j)2, and a
D-type flip-flop would be sufficient to control the timing of (j)0 and ({)1, with the
reset value for the counter being set by a digital supervisory system. This circuit has
been successfully simulated using SWITCAP.
The D/A converter circuit cannot be ignored when comparing the silicon
area required for a programmable SC filter implemented according to the new
method with a method using capacitor banks. However, in the case of the new
method, only one master control circuit is required for all programmable capacitors
whose effective values bear a constant ratio to each other. This is in contrast to the
capacitor bank method, where a complete capacitor bank is needed for every
programmable capacitor, and several identical banks may exist in any one filter.

5.3.4 An im plem entation of th e VSC
The most straightforward VSC implementation is a potential divider with one
(floating) and one (grounded) variable resistor, where it is assumed that the
amplifiers are either operational amplifiers or buffered operational transconduc
tance amplifiers (OTAs). The variable resistor can be implemented as a FET biased
in the linear region as shown in figure 5.21, where a is adjusted by means of DC
control voltages Vri and Vri-
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Vo2

SC

V o,

filter
Ml
V S C -1

(slave)

Vrl

Vr3

M2
V S C -2

(master)
Vr2

F igu re 5.21: An implementation o f the V SC using a fixed resistor and a variable resistor

Analysis of this circuit gives the following value for a:
a =

= Yi 2^-\— ^
V,i AV,rl

I

offs

(5.19)

rl

where A and Voffs are the amplifier open-loop gain and input-referred offset voltage
respectively. Several design issues must be considered when FETs are used as
variable resistors in VSCs, and are discussed in the following sections.

5.3.5 Tuning ran g e and accu racy
To control the transfer function of the SC filter accurately with the control voltage,
the scaling factors of the VSC of the master and the slave must be closely matched.
As discussed above, the tunable element in the transfer function of the slave circuit
is directly proportional to the scaling factor a . For this thesis
will be defined as
the scaling factor of the slave circuit and

will be defined as the scaling factor of

the master circuit. Since am is controlled with the reference voltages and tts is
determined by the scaled outputs of the slave circuit, am and ag can defined as:
a.., =

and a_ =

(5.20)
o\

Ideally, am is equal to ag. However, the non-idealities of the components used will
result in mismatch between am and ag and therefore the filter characteristics cannot
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be accurately controlled with the control voltages Vri and Vr2- To quantify this
mismatch, it is convenient to define the error as:

C5.21)

-

m

m

There are several factors that affect the mismatch and therefore the error.
These factors are now discussed and quantified in the following sections.
The biasing point
master VSC
R

slave VSC
R

Vo2

Vr2

Vrl-VVA-

AA^Voi

hi_v2!—:------ir'
r V
K
z<
vos-V
Tn
-L

V

gs

> Vt

-L

F igure 5.22: V SC s obtained using transistors biased in the linear region and fixed resistors

If a FET is biased in the linear region as shown in figure 5.22, then using the
Schichman Hodges model, its characteristic steady-state drain equation can be
written as [4]:
- V t ~ ^ ds ! '^)^DS

(5.22)

Using Kirchoff’s Current Law, the following equation can be obtained for the
master VSC:
(5.23)

Combining (5.22) and (5.23) gives:
n

- Y r l - ___________

- y . - _
W
r\ \ + Rkp— [vQs-Vj -Vr2l ' ^)

Similarly, the scaling factor of the slave circuit can be written as:

(5.24)
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(5.25)
( v G 5 “ ^ r “ ^ o2

From (5.24) and (5.25), it can be seen that am is fixed for a fixed bias voltage, but
as depends on the sampled-signal amplitude. Therefore using (5.21) the error can
be written as:
E

-1

l + ^ P f e - ^ r - ^ 02/ 2)

i + /?p(vc5-yj--v,2/2)
where p is kpW/L and it is assumed that the amplifier has infinite gain. It can be
seen from equation (5.26) that the error is zero only when Vq2 is equal to Vr2- Now,
both Vrl and Vr2 are usually fixed for a given scaling factor, and therefore the error
depends on the signal level of the slave-VSC. The error can, however, be
minimised by offsetting the slave circuit ground potential by an amount equal to
Vr2- The scaling factor can then be changed without affecting the mismatch by
varying Vri.
The effect of the fixed resistor R on the error and the guidelines on choosing
the value of R will now be explained.
The value o f the fixed resistor R
The choice of R is conditioned by the conflicting requirements of tuning range and
linearity. In order to maximise tuning range (and also to minimise power dissipation
and amplifier loading) R should be chosen to be as large as possible. However, this
requires that the drain conductance of the shunt FET is small, i.e. it operates close
to the threshold of saturation. As a result, the signal level must be restricted to
prevent the FET in the slave circuit entering saturation on the peaks of the AC
signal and hence introducing excessive levels of harmonic distortion. The choice of
R and the FET dimensions is thus determined by individual system requirements of
tuning range and signal handling capacity. For example, if the maximum value of
Vgs and minimum value of a required are fixed by the system, then using (2.24), it
can be seen that the minimum value of R required is given by:
^

^ ~ ^min____________

,
1—

(5 .27)
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where amin is the minimum scaling factor, Voslmax is the maximum value of Vqs
that can be used and W/L ratio is the aspect ratio of the FET. Having obtained a
value of R, the amplifier parameters can now be chosen to obtain the required
accuracy.
Amplifier sain and the input -referred offset voltage
Amplifier open-loop gain and the input-referred offset voltage are another cause of
error between the input reference voltages and the filter tunable element. It has been
shown above that when the slave is biased at Vr2, the error is minimised, but this
assumes that the amplifier gain is infinite and has no offset voltage. A lower value
of amplifier gain or the offset voltage will lead to a difference between the internal
reference voltage, Vr3, and the external reference voltage Vr2. Since the scaling
factor of the master-VSC depends on V1-3 (instead of Vr2), using (5.19) and (5.21)
the error can then be written as:

,a m p

-

„

(2.28)

where A is the amplifier open-loop gain and Voffs is the amplifier input-referred
offset voltage. For closely matched VSCs, the ratio Vr3/Vri=Vo2/Voi. Therefore,
(2.28) can be written as:

t

1

^arriD ^

“

^ G s l^ ^ r X - ^ o ff s l^ r l

a.

(2.29)

a.
The amplifier gain can be made large when compared to V qs but Voffs can be
relatively large when compared to Vri. Therefore, to reduce the error, some form of
offset compensation scheme such as those described in [5,166] must be used.
Distortion
The FETs that are used as variable resistors are nonlinear elements and therefore
they cause distortion in the output signal. This section analyses this distortion using
a square law model and describes several methods can be used to reduce distortion.
These equations can then be used to obtain the maximum signal level that can be
tolerated for a given distortion level. The section also explains the methods that can
be used to reduce distortion.
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Vs,
Ml

Vo2
Voffset

Figure 5.23: The V SC in the slave circuit

Figure 5.23 shows the VSC used in the slave circuit. When the transistor is
operating in the linear mode, the current Ig can be written as:
Io = ^ K - V

t

- V J 2 ) v,
(5.30)

where V ’gs is the effective gate-source voltage. Taking only the AC small signals,
this can therefore be written as:
(5.31)
where (g i= p V ’gs) and (g2=p/2). Now taking the loop equation for AC small
signals, it can be shown that:
^sig

^r
= -R(gl''o + «lVo) + V„

(5.32)

where Vr is the AC small signal across R and Vo is the AC signal at the output.
Now taking Vstg as a sinusoidal wave of the form Vcos(a)t) and collecting
only the fundamental frequencies, (5.32) can be written as:
Vcos(cor) = Rgiv^(l)cos(cor) + Vg(l)cos(mr)

(5.33)

where Vg(l) is the peak amplitude of the fundamental signal and V is the peak
amplitude of the input signal Vstg . Solving for Vo(l) gives:

Vo(l) =

1+ Rgi

(5.34)
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Sim ilarly, taking the loop equation and collecting the second harm onic
signals gives:
0 = Rg^

(2) cos(2cor) + Rg 2 v l (2)cos(cor) +

(2)cos(2cor)

= /?giVo(2)cos(2cor) + /?g2“^y'^^cos(2cor) + Vo(2)cos(2co/)

w here Vo(2) is the peak am plitude of the second harm onic signal. Solving for Vg(2)
gives:

From a sim ilar analysis, it can be show n that the peak am plitude of the third
harm onic signal is given by:

(3)^ M

M
(1 + % )

(5.37)

Table 5.4 show s the harm onic values with respect to the fundam ental for
y = lOOmV. T he sim ulated values are obtained using a level 2 m odel w ith
1.735V and (3=1.1925e-4. This gives ^/= 2.069e-4 and g2=5.962e-5.

Table 5.4: Theoretical and sim ulated harm onic distortion.
Theoretical

Simulated

2nd H arm onic

-4 8 .8 d B

-4 8 .4

3rd H arm onic

-9 1 .7 d B

-90.8

. ;ÿr

Param eter

As show n the theoretical and the sim ulated results are very close. The results
show that the distortion levels are large when com pared to those obtained using SC
circuits and therefore they m ust be m inimised.
To reduce the non-linearity, any one o f the techniques given in reference
[167] can be used. The sim plest of these techniques is to use a transm ission gate in
place o f the FET, which will elim inate even harm onics. This will entail doubling
the num ber of com ponents in the m aster circuit, and therefore the pow er and chip
area. The tuning range in these circuits is still lim ited by the high distortion levels
for large signal swings. In high quality precision applications where both a wide
tuning range and excellent linearity are required, the linearised variable resistor can
be obtained using a tunable operational transconductance am plifier (O TA ) with
negative feedback or a synthesised tunable resistor (for exam ple see references
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[168-175]). Distortion levels of less than -60dB for signal swings of 2.5V have been
reported for these linear variable resistors.

5.3.6 An exam ple tunable UNB filter
This section gives the simulation results of an example tunable UNB filter that is
based on the programmable filter developed by Cox [171]. The simulations are
obtained using SWITCAP and the VSCs are implemented as voltage controlled
voltage source with gain a.
C b

Cc

C b

C ax —
C b

-V out

4/

C ax= 1 4 .8 ;C b= 1;C c= l .5;

C ai

F igu re 5.24: The V SC in the slave circuit

Figure 5.24 shows the biquad converted to a tunable UNB filter. Pseudo-3path circulating delay architecture is used to enhance Q and VSCs are used to
obtain tunability. Although three VSCs are used in the filter, they can all be
controlled with a single master. As shown in [151], the lowpass -3dB edge and its Q
is given by:
fJ pb,sp
h
~ -2—
k —
C

f

(5.38)

Therefore the Q of the first bandpass response of the tunable pseudo-N-path filter
is:
K Q

aC s

(5.39)
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Figure 5.25 shows the simulated responses for the pseudo-3-path tunable
filter shown in figure 5.24 for different values of a . A sampling frequency of
30kHz is used, and therefore the first bandpass response is located at lOkHz. It can
be seen that, when a is varied from 1 to 0.1, Q varies from 50 to 5000.

-10

-20

,2 - 3 0

-40

-50

9.85

9.9

9.95

10.05

10.1

10.15

10.2

Frequency /kH z

-0.5

2 -2.5

-3.5

-4.5

9.9

9.92

9.94

9.96

9.98
10.02
F requency /k H z

10.04

10.06

10.08

10.1

F igu re 5.25: The simulated variation in Q (a) bandpass response (b) details o f the passband corrected
for the sample-and-hold attenuation for oc=l ( ); ot=0.5 (—); a = 0 .2 (-.) and oc=0.1 (-+-)

The simulated high tunable Q of up to 5000 is obtained using a capacitance
spread of 14.8 and a total capacitance of 34.2 units. The example shows that this
new technique can be used to obtain high tunable Q using low capacitance spread
and total capacitance.
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5.3.7 M easured resu lts
This section gives the results of the preliminary measurements taken from a firstorder tunable filter implemented using discrete components. The variable resistors
were implemented using a commercial FET transistor array (SN5001). Unlike the
circuit in figure 5.18, in this experiment, the VSC was placed in series with C3
rather than C2. The gain of the circuit is C l/aC 3, and hence a can be determined
directly and compared to the predictions.

•a 4

ideal
0 0 m e a su re d

A ttenuation

F igu re 5.26: Measured results o f a verses the circuit gain

The measured results are shown in figure 5.26 where the output signal is a
lOOHz sine wave of amplitude lOOmV peak-to-peak. The low frequency gain of the
circuit is plotted as a function of the attenuation,
and should be compared with
the expected curve, which is a straight line through the origin. For the case where
Ci=C3, the ideal line would be such that the circuit gain is exactly equal to a"l, but
in practice the gradient of the line has been adjusted to reflect the measured
capacitor ratios. After this adjustment has been made, the results are very close to
the ideal for values of a"l greater than about 2.5 with measured total harmonic
distortion (THD) of about -48dB. However, for values less than about 2.5, the VSC
FET begins to enter saturation on the peaks of the AC signal. This leads to the
deviation shown in the figure and this would be accompanied by unexpectably high
levels of harmonic distortions. As discussed above, the choice of R and the
characteristics of the VSC FET in a particular situation depend on balancing the
conflicting design requirements of tuning range an linearity. It must be also noted
that this new tuning method is a integrated circuit technique. Although the
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measurements reported using discrete components support the theory, accurate
measurements can only be obtained using integrated filters.

5,4 SUMMARY AND CONCLUSIONS
In this chapter, a novel finite gain insensitive integrator was described. Theoretical
analysis was carried out to obtain the gain and phase errors of the integrator and it
was shown that they are similar to those obtained using simulations. The parasitic
effects were also analysed and it was shown that, to a first order, the circuit is
insensitive to layout parasitics. The characteristics of this new integrator were also
compared to other FGI integrators in term of the gain and phase errors, the number
of capacitors and switches, the capacitance area and capacitance spread. It was
shown that, when compared to other circuits, the gain and phase errors of the new
integrator are among the lowest.
The Same Sample Correction property of the new circuit was also analysed
and presented. This is an important property, since it allows the integrator to be
used in pseudo-N-path filters, and hence in the N*M-path architecture for UNB
filters. It was shown that, when compared to the other SSC integrator reported in
the literature, the phase error of the new integrator is lower. The analysis has been
supported with simulation results obtained using a PNP filters and the results were
presented in this chapter. The operation of the circuit was also verified using
measured results obtained from several first order filters implemented using the
MIETEC 2.4|im CMOS technology. It was shown that the lowpass response of the
new circuit is within 0.01±0.015dB of the simulation results. The implemented
circuit also incorporated a pseudo-1-path structure, which enabled the simulation of
additional noise injection and accumulation observed in PNP circuits. This allowed
some of the features of the PNP filter to be investigated without implementing a full
PNP filter, which will require much larger chip area. It was shown that the noise of
both the conventional and the new circuit was increased by about 5±5dB, but that of
the SSC#1 circuit did not change appreciable. This is due the use of two sets of
capacitors integrating capacitors in the SSC#1 circuit.
In the second part of this chapter, a novel technique that can be used for
wide-ranging and continuous tuning of any circuit parameter that is determined by a
capacitor ratio was presented. This is useful for UNB filters since this technique
will enable on-line control of the centre frequency and Q of the UNB filter, and
therefore allowing them to be used in adaptive filter applications. The design
approach was presented with an example first order filter, and it was shown that the
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filter characteristics can be tuned by using a voltage scaling element, which was
controlled with external inputs. It was shown that this form of tuning can be
implemented using a master-slave arrangement, but only the scaling element is
duplicated in the master circuit. This was in contrast to other forms of master-slave
circuits, where a substantial part of the circuit is reproduced. An SC control circuit
that does not require precision voltages was also presented and its operation
explained.
The implementation of the scaling circuits was also discussed in this chapter.
A straightforward implementation, which uses one fabricated resistor and one
variable resistor was investigated and presented. The design issues that must be
considered for this implementation were presented and analysed. It was also shown
that the use of more complex, but linear variable resistors will reduce distortion and
improve the accuracy with which the filter characteristics can be controlled.
Simulation results of a tunable UNB filter were presented, which showed that
several tuning elements in a filter can be controlled with a single master circuit. The
operation of this new technique was verified by implementing a first-order tunable
filter implemented using discrete components. Measured results for the circuit gain
with the control input scaling factor were presented, which closely agreed with
theory for low values of the scaling factor. For high values of the scaling factor, the
results showed deviations, which were mainly due to the non-idealities of the
tunable resistor that was implemented using discrete FETs. However, for the linear
region of operation, it was shown that the second harmonic distortion was less than
-48dB for input signals less than lOOmV peak-to-peak. This is an integrated circuit
technology, and therefore to obtain more accurate results, integrated filters using
this form of tuning must be implemented.
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List of symbols and acronyms
AA F

Anti-A liasing Filter

AIF

Anti-Imaging Filter

FGI

Finite Gain Insensitive

NP

N-Path

NPFT

N-Path Frequency Translated

PMP

Pseudo-M-Path

PMP-FT

Pseudo-M-Path Frequency Translated

RBW

Relative Bandwidth

SSC

Same Sample Correction

CLFT

Clock feedthrough

SC

Switched Capacitor

PNP

pseudo-N-path

SSB

Single side band

U NB

Ultra Narrow Band

VNB

Very Narrow Band
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6,1 DISCUSSION OF RESULTS
The aim of this thesis is to demonstrate the feasibility of complex analogue
VLSI techniques for the implementation of monolithic filters with Q between 1000
and 10,000 (UNB filter) and at frequencies below 5MHz. Although such circuits
have not been implemented using integrated analogue techniques in the past, the
results from this study suggest that established IC design technologies can be used
to usefully implement filters of this style. In this study, a Switched Capacitor filter
sub-block have been implemented using MIETEC 2.4p,m CMOS technology and
demonstrated that a UNB filter system could be built up from filters of this type.
The principal results of the work presented in this thesis will now be summarised
and discussed.
Following a general introduction in chapter 1, chapter 2 gives a time-domain
description of N-path (NP) and N-path Frequency Translated (NPFT) filters with
the aim of understanding how the mirrors and residual images were created. It has
been shown in the past (by using extensive computer simulations and numerical
techniques) that one of the crucial limitations of NPFT filters for UNB filters is the
limitation imposed by these mirrors and residual images. By analysis of the
operation of N-path filters in time-domain, these predictions have been verified.
The analysis also led to simple design equations that predict the mirror and residual
images for high-level parameter variations due to mismatch of components. These
results can also be used to obtain the typical yield from a fabrication run. The
chapter then describes the N*M-path filter architecture, with the aim of developing
a design methodology for implementing UNB filters using this architecture. This
methodology brings together previous work with the experience gained from the
design, layout and testing of the programmable PNP filter sub-block. It is expected
that the design of complex analogue systems, such as UNB filters, will require a
high level of automation, and therefore the methodology has been presented as the
first step in a process that may eventually lead to a complete automation of the
design process. The usefulness of the methodology was demonstrated with several
examples, which showed that, by using a simple tool such a spread sheet, the design
space of the UNB filters can be explored in a relatively short time.
Chapter 3 presents the design and implementation of a UNB filter with a
RBW of 0.06% that can, for example, be used as an SSB filter for amateur radio
equipment. In the past this has been implemented using a 6-pole crystal filter. Since
a circuit simulator with good mixed analogue-digital capability was not available,
alternative simulation, implementation and post-layout verification procedures were
developed and were described. Following this, a high-level architectural design.
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that used the methodology given in the previous chapter, was given. From the
resulting specification of the sub-blocks, a complete design, implementation and
verification of a programmable third-order pseudo-N-path filter (with N less or
equal to 7) was presented. Multiple instances of this programmable filter can be
used in a PCB system to explore different N*M-path configurations that are
suitable for monolithic implementation. The design and implementation of the sub
blocks, such as the clock generators, amplifier, buffers, transmission gates and
drivers, were then described. The layout of these blocks and the precautions taken
to overcome the limitation of having both digital and analogue circuits on the same
substrate were also given. Additionally, the sizes of the different sub-blocks were
given, and used to estimate the size of a typical UNB filter system. The post-layout
simulations reveal that the architecture used is relatively insensitive to non-ideal
effects caused by finite amplifier gain. Results were presented which give the
expected deviation of the centre frequency, Q and insertion loss for a range of
amplifier gains.
In chapter 4, the fabrication and measured results for the ICs implemented
were given. The designs were spread over 5 ICs with more than 60mm^ of silicon
area. Test results for the first chip in the series revealed a parasitic diode structure
that prevented proper biasing of the analogue sections. Few measured results were
therefore obtained from this chip, but fortunately, the test structures that had been
included allowed the problem to be diagnosed and prevented in subsequent chips.
Additionally, the chip validated the PCB layout techniques used. From the results
of this preliminary work, it was decided to split the demonstration filter into several
smaller ICs and to wait for the results from one set of chips before proceeding to the
next batch. This, however, slows the production of a complete design (since the
tum-around time for fabrication of the ICs was about four months), but more recent
results have validated the approach.
The second batch of ICs included the amplifiers, buffers, transmission gates
and clock generators, and these worked as expected. The CLFT levels of the
transmission gates were slightly higher than the simulated values, but the results
presented were comparable to other published work. Measured distortion levels
were also higher, but were still less than 75dB for IV peak-to-peak signal, and
therefore it was (wrongly) assumed that this will not cause problems when they
were used in PNP filters.
From the measurements of the third batch of ICs, the lowpass response of
the PNP filter was found to be within 0.1±0.015dB, but the narrow band bandpass
response obtained was highly distorted. This prevented the use of this PNP filter in
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the N*M-path architecture, and therefore the full UNB filter system cannot be
demonstrated. However, the reasons for the high distortion in the bandpass response
were investigated and the results were presented in this chapter. Time domain
analysis showed that the signal dependant offset voltages resulting from CLFT were
the cause of the distorted responses and this theory was supported with measured
results. From the analysis, a new circuit and a clocking scheme was proposed to
reduce the effect of CLFT in PNP circuits. Unfortunately, the proposed scheme
cannot be fully verified using the fabricated ICs, though some measurements
supporting the theory were obtained.
Chapter 5 presents new architectural developments. As described in the
introductory chapter, the PNP filter used for the N*M-path architecture requires
amplifiers with a very high gain, and therefore the Same Sample Correction (SSC)
circuit (SSC#1) has been used. By experimenting with this circuit, a new SSC
circuit (SSC#2) was discovered that use approximately half the number of
capacitors when compared to SSC#1. This new circuit can therefore be
implemented using less chip area. Analysis and simulation results presented showed
that the performance of the circuit was comparable to its predecessor. Several first
order filters were therefore fabricated to verify the theory and characterise the new
circuit. A pseudo-1-path structure was implemented, which enabled the simulation
of noise injection during charge circulation in the PNP filters without implementing
them. The results showed that the noise level of the new circuit was comparable to
that of the conventional circuit, but was about 6dB higher than that of the SSC#1
circuit. The effects of the finite gain could not be measured with the first order
filters implemented and therefore this has yet to be verified.
A by-product of the investigation into FGI integrators was the development
of a novel technique that can be used for wide ranging and continuous tuning of any
circuit parameter that is determined by a capacitor ratio. This is useful for UNB
filters since it will enable continuous, on-line control of the centre frequency and Q
of the UNB filter, thus allowing them to be used in adaptive filter applications.
Investigations into the implementation of the scheme using a simple control circuit
that uses an FET as a variable resistor proved that the proposed method is feasible.
However, the theoretical analysis presented showed that accuracy with which the
filter parameter can be controlled was about 1%. To obtain higher accuracy, more
complex, but linear tunable resistors must be used to replace the FETs used as
variable resistors. The proposed scheme was tested using a first-order tunable filter
implemented using discrete components and the results were presented. The
measured results closely agreed with theory in the part of the control range where
the non-idealities introduced by the prototype were not dominant. In this range, the
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2nd harmonic distortion measured was less than -48dB for lOOmV (peak-to-peak)
input signal. Where the measurements do not agree with the theory, it was found
that they were due to the non-linearity of the FETs.
Even though the measured results indicate that the proposed method work in
principle, there were too many unknown variables in the implemented prototype
filter to fully characterise the circuit. Clearly, this is an integrated circuit
technology, and therefore the implemented prototype cannot be used to obtain
accurate results. The method therefore must be further verified using integrated
tunable filters.

6,2 POSSIBLE FURTHER WORK

6.2.1 Statistical a n aly sis to obtain m irrors
The statistical method proposed in chapter 2 and appendix A is a simple
technique that can be used to obtain mirror strengths in multi-path filters due high
level parameter variations without using extensive numerical techniques. The
possibility of extending this method as a general technique to predict mirrors due to
mismatch of components in SC filters with N different but periodically repeating
networks can be investigated. Some work has been done in the past in this area, for
example [186], where an integrator with two input capacitors was analysed. This
technique involves obtaining

transfer functions to calculate the image responses.

Using the method proposed in appendix A, a single transfer function is required for
each configuration and summed using a similar scheme to that of the multi-path
filters.

6.2.2 PMP-FT arch itectu re for th e im plem entation of UNB filters
In the N*M-path FT architecture, a bandpass path filter was obtained using a
lowpass single-path filter and pseudo-M-path techniques. This ensures that the
centre frequencies of all the path filters are locked to a fraction of the clock
frequency. As seen from chapter 2, the first bandpass response was located at fg/M,
where fg and M are the sampling frequency and the number of pseudo-paths in the
PMP filter.
If, however, the PMP techniques are used on a bandpass single-path filter,
then it is possible to locate the first bandpass response at a fraction of fg/M.
Therefore at any selected Nyquist band, the Q enhancement obtained (using
frequency translation techniques) will be much greater than that achieved with the
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N*M-path technique. Hence, to obtain the same Q-enhancement, the total number
of paths in the frequency translated bandpass PMP (PMP-FT) filters will be much
lower than that of the N*M-path FT filters. Unlike the N*M-path architecture,
where further Q enhancement is possible using N real paths, however, the PMP-FT
filters can have only one real path. This is because PMP-FT filters with more than
one real path will suffer from high mirrors (similar to NPFT filters) since the centre
frequency of the bandpass response of the path filters will have large deviations
(see chapter 2). Therefore for moderately low Q applications (for example
50<Q<500), it is possible that the PMP-FT architecture will give a filter with a
much lower chip area. Figure 6.1 gives the architecture of the proposed PMP-FT
filter.
AAF

AIF

Continuous SCDecimatime filter tion filter
Viri

fp

(Kernel)
PMP

SC Interpo-Continuous
lation filter time filter
fP

fP

Vout

(based on a bandpass filter)

Figure 6.1; PMP-FT architecture

The analysis of the PMP-FT filter will be similar to that of the NPFT filters.
Following the same analysis given in [104], it can be shown that the RBW
requirement of the AAF and the AIF filters for the PMP-FT filter will be minimised
when the bandpass response is located at fg/4. The Q-enhancement factor is then
given by:
K = 2 b ,-l

( 6 . 1)

where K is the Q-enhancement factor and bo is the selected Nyquist band (see
section 2.3). When compared to the N*M-path architecture, the Q-enhancement
factor is about 4 times greater (see equation 2.20), and therefore to achieve a given
Q-enhancement, the total number of paths required is expected to be 4 times lower.
The bandpass filter, however, will be expected to occupy twice the chip area of the
lowpass filter. Therefore, the total chip area occupied by the PMP-FT filter is
expected to be half that of the N*M-path filter implemented for the same
specifications.
As discussed in section 2.4.2, the dynamic range of the PMP filter will
reduce when M increases. However, if the PMP filter is obtained using the
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architecture given in [99], then it is expected that the dynamic range reduction will
be largely compensated. This is achieved by using several charge circulation paths
(as opposed to a single one in the conventional circulating delay type filter) in the
capacitor banks. Unfortunately no measured results are available to support this
prediction. (This type of PMP filters cannot be used with the N*M-path architecture
since the PMP-path filters used for this architecture cannot have more than one
charge circulation path.)
Therefore, as an extension to the N*M-path architecture, PMP-FT
architecture can be further explored and detailed design equation similar to those
given in section 2.4.2 obtained.

6.2.3 M ethodology for th e desig n and im plem entation of UNB fiiters
The methodology proposed in chapter 2 of this thesis is only a first step in
the automation process and much work is required to accomplish this task. Several
specific potential improvements have been identified in this thesis, but the main
area that will benefit most is the development of coherent design steps to design the
AAF and the AIF from the generated mask definition. Flow charts, similar to those
given in sections 2.4.5 and 3.2, can be developed. Additionally, either from
measured results or from extensive simulations, the proposed estimation of the
noise and therefore the dynamic range of the UNB filters given in section 2.4.2
must be verified and improved.
Despite careful strategy developed for simulation and verification, the
results showed that a more realistic mixed simulator is required to characterise the
circuit before fabrication. As a final step, the methodology can be incorporated with
a layout generator, such as the one described in [187], for fast generation of UNB
filter layouts.

6.2.4 Integrated N*M-path filters
Our attempt to integrate a UNB filter on a single IC was hampered by the
high distortion level in the bandpass response of the PNP filters due to CLFT. The
proposed new scheme to reduce CLFT must be integrated and verified. It is
suggested that, as a first step, a first-order PNP filter based on the new scheme is
fabricated. The measurements made can then be used to verify and, if required, to
improve the proposed clocking scheme. These sub-filters can be used in an N*Mpath architecture to obtain a UNB filter using PCB techniques. The full UNB filter
can then be integrated on a single IC.
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Fully differential circuits are required for applications that require a large
dynamic range. Therefore, fully differential circuits must also be implemented. The
differential circuits based on the SSC#1 integrator will have four banks of
capacitors and therefore occupy a large chip area. Hence differential circuits based
on the SSC#2 integrator must be investigated. As a first step, it is suggested that a
fully differential first-order PNP filter based on the SSC#2 is implemented and
characterised.
As seen from the design examples given in sections 2.4.2 and 2.5 UNB
filters with a high centre frequency can be implemented using core filters that can
be sampled at low rates. High sampling rates are required only at the front end of
the AAF and the back end of the AIF. Therefore, both these circuits will benefit
from BiCMOS technology, and hence the implementation of UNB filters using this
technology should be investigated. As a first step, an AAF and an AIF (including
the decimator and the interpolator) can be implemented using the BiCMOS
technology. PCB techniques can then be used to combine them with the N*M-path
filter that is implemented using the CMOS technology.

6.2.5 T uneable UNB filters
The proposed new tuning scheme given in section 5.3 must be verified using
integrated filters. The possibility of increasing the tuning range by using more
complex linear resistors is worth careful study. The most promising type is the
linear resistor proposed by Silva-Martinez that can be implemented using two FETs
[172]. These linear resistors, however, have a typically large value (about a 100
kO). Fixed resistors required in the voltage scaling circuits must also have similar
values and therefore cannot be implemented using poly silicon resistors. Resistors
implemented using N-wells must therefore be investigated. According the MIETEC
data sheets [127], the sheet resistance variation of the N-well is similar to that of the
polysilicon, but has an absolute value which is about forty times greater than that of
the polysilicon. Therefore it is expected that the accuracy of the resistors
implemented using the N-well will be comparable to those implemented using the
polysilicon, but will have a much larger value. As an initial step, different types of
linear resistors from the literature can be implemented and used with a single-path
tunable filter to asses their performance.
In section 5.3.4, the proposed voltage scaling circuit for the tunable filter is a
potential divider circuit. Other form of implementation is also worth careful study.
For example, instead of the attenuation circuit, a variable gain amplifier (for
example gain variable between 1 and 10) can be used as the scaling element. The
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inputs of such an amplifier can have a high impedance, and therefore buffering will
not be required. This, however, will put a bigger constraint on the dynamic range of
the amplifiers used in the filter, since different parts of the filter will be operating at
different voltage levels. Careful voltage scaling techniques can be used optimise the
dynamic range.

References

223

REFERENCES
1

Kinsman R G, "Applications o f Crystal Filters", Chapter 9 in C r y s t a l F il t e r s - D e s i g n ,
M a n u fa c tu r e a n d A p p lic a tio n s , John W iley & Sons 1987

2

Johnson R A , "Applications o f M echanical Filters", Chapter 7 in M e c h a n i c a l F il t e r s in
E le c tr o n ic s W iley-Interscience, 1983

3

Bellanger M, "Applications in Telecommunications", Chapter 13 in D i g i t a l P r o c e s s i n g o f
S i g n a ls - T h e o r y a n d P r a c tic e , John W iley & Sons 1984

4

Gregorian R K, Temes G C, A n a lo g M O S I n t e g r a te d C ir c u its f o r S i g n a l P r o c e s s in g , W iley
1986

5

Tom icawa Y, Ogasawara T, Konno M, Gounji T, "320kHz Timing Tank M echanical Filter
for D igital Subscriber Transm ission System", J a p a n e s e J o u r n a l o f A p p l i e d P h y s ic s ,
V ol.24, Supplement 24-3, pp. 199-202, 1985

6

Heinlein W E, H olm es W H, A c t i v e F il t e r s f o r I n t e g r a t e d C ir c u it s Oldenbourg V erlag
GmbH 1974

7

Shaumann R, Ghausi M S, Laker K R, D e s ig n o f A n a lo g F ilte r s , Prentice Hall 1990

8

Silva-M artinez J, Steyaert M S J, Sansen W , "A 10.7-M H z 68dB SN R CMOS Continuous
Tim e Filter with On-Chip A utom atic Tuning", I E E E J o u r n a l o f S o l i d S t a t e C i r c u it s ,
V ol.27, N o. 12, pp. 1843-1853, 1992

9

Holland B, "Stand ard ICs for High Speed D igital Filters", E le c t r o n ic s D e s i g n , pp.33-38,
April 1992
PD SP 1625 - Programmable FIR Filter, D i g i t a l S i g n a l P r o c e s s i n g I C s H a n d b o o k , GEC
P lessey Semiconductors, 1992

10
11

A n alog D ev ices, D a t a c o n v e r s i o n p r o d u c t s h a n d b o o k 1 9 8 9 / 1 9 9 0 , D A C 72C and
A D 1376JD , 1990

12

Black W C, A llstot D J, Reed R A, "A High Performance Low Power CM OS Channel
Filter", I E E E J o u r n a l o f S o l i d S ta te C ir c u its , V ol. 15, N o.6, pp.929-938, Jun-1980
Fried D L, "Analogue Sampled Data Filters", I E E E J o u r n a l o f S o l i d S ta te C ir c u its , SC-7,
pp.302-304, 1972

13
14
15
16

Martin K S, Sedra S, "Stray-Insensitive Switched Capacitor Filters based on Bilinear ztransform". E le c tr o n ic s L e tte r s , V o l.19, pp.365-366, Jun-1979
Tem es G C, et al, "Special Section on Switched Capacitor Circuits, P r o c s o f I E E E , V ol.71,
pp.926-1005, A ug-1983
A llen P E, Sanches-Siencio E, S w i t c h e d C a p a c it o r C ir c u its , Van Nonstrand Reinhold,
1984

17

M oschytz G S, et al, M O S S w i tc h e d C a p a c it o r F ilte r s : A n a ly s i s a n d D e s i g n , IEEE Press
Selected Reprint Series, 1984

18

Umbehauven R, Cichocki A , MOS S w i tc h e d C a p a c it o r a n d C o n tin u o u s T im e I n t e g r a t e d
C ir c u its a n d S y s te m s , Springer-Verlag Berlin 1989

19

Gregorian R, "An Integrated Single-Chip PCM V oice CODEC with Filters", I E E E J o u r n a l
o f S o l i d S ta te C ir c u its , SC-16, N o.4, pp.322-333, 1981

20

A llstot D J, Black W C, "Technological D esign Considerations for M onolithic SwitchedCapacitor Filtering Systems", P r o c s o f I E E E , V ol.71, pp.967-986, A u g -1983

21

V ittoz E A , "The D esign o f High-Performance A nalog Circuits o f D igital CMOS Chips",
I E E E J o u r n a l o f S o l i d S ta te C ir c u its , SC-20, Jun-1985

22

Y en R C, Gray P R, "A MOS Switched-C apacitor Instrumentation Am plifier", I E E E
J o u r n a l o f S o l id S ta te C ir c u its , SC-17, pp. 1008-1013, D ec -1982

23

Lakshmikumar K R, Hadaway R A, Copeland M A , "Characterization and M odeling o f
M ism atch in MOS Transistors for Precision A nalogue Design", I E E E J o u r n a l o f S o l i d
S ta te C ir c u its , D e c -1986

24

Brodersen R W, Gray P R, H odges D A, "MOS Switched-C apacitor Filters", P r o c s o f
I E E E , V ol.67, pp.61-75, Jan-1979

25

Grunigen D C von, S igg R, L udw ig M , Brugger U W , M osch ytz G S, M elchior H,
"Integrated SC Low-Pass Filters with Combined A nti-A liasing D ecim ation Filter for Low
Frequencies", I E E E J o u r n a l o f S o l id S ta te C ir c u its , SC-17, pp. 1024-1028, D ec-1982

26

H alonen K, Steyaert M , Sansen W , "A M icropow er 4 th -0rd er E lliptical Sw itchedCapacitor Low-Pass Filter", I E E E 1 9 8 6 C u s to m I C C o n fe r e n c e P r o c s , pp.374-377

224
27

V uzquez D , Rueda A , Huertas J L, "A Practical Implem entation o f Faykt-Tolerant
Switched-Capacitor Circuits", I E E E I S C A S P r o c s , V .2, pp.1565-1568, 1991

28

Ping L, Taylor R C J, Henderson R K, Sew ell J I, "Design o f a Switched-Capacitor Filter
for V oice Band Signals",/E E E /SC A SProc^, V .2, pp. 1573-1576, 1991

29

Huertas J L Rueda A, Vazquez D, "Testable Switched-Capacitor Filters", I E E E J o u r n a l o f
S o lid - S ta te C ir c u its , V ol.28 N o.7 pp.719-724, 1993

30

Hughes J B, Bird N C, Macbeth 1 C, "Switched Current - A N ew Technique for A naloge
Sampled-Data Signal Processing", I E E E I S C A S P r o c s , pp. 1584-1587, M ay-1989

31

Fiez T S, Liang G, A llstot D J, "Switched-Current Circuit D esign Issues", I E E E J o u r n a l o f
S o lid - S ta te C ir c u its , SC-26, p p l93-201, Mar-91

32

Tem es G C, D eval P, V alencic V, "SC Circuits: The State o f the Art Compared to SI
Techniques", I E E E I S C A S P r o c s , V ol.2, pp. 1231-1234, M ay-1993

33

Gregorian R, Martin K W , Tem es G C, "Switched-Capacitor Circuit Design", P r o c s o f
I E E E , V ol.71, N o.8, pp.941-966, A ug-83

34
35

ibid.
Nakayam a K, Kuraishi Y, "Present And Future Applications O f Switched-Capacitor
Circuits", I E E E C ir c u its A n d D e v ic e s M a g a z in e , V o l.3 N o.5 pp. 10-21,1987

36

Yam akido K, "A Single-C hip CMOS Filter CODEC", I E E E J o u r n a l o f
C ir c u its , S C -16, N o.4, pp.302-307, 1981

37

Solom an C W , "Switched-Capacitor Filters: precise, com pact, inexpensive", I E E E
S p e c tr u m , pp.28-32, Jun-1988

38

Choi T C, Kaneshiro R T, Broderson R W , Gray P R, "High Frequency CMOS SwitchedCapacitor Filters for Communications Applications", I E E E J o u r n a l o f S o lid - S ta te C ir c u its ,
SC-18, N o.6, p.652, D ec-1983
Song B S, Gray P R, "Switched-Capacitor High-Q Band pass Filters for IF Applications",
I E E E J o u r n a l o f S o lid - S ta te C ir c u its , SC-21, N o.6, pp.924-933, D e c -1986

39

S o l id - S t a t e

40

Li P, Taylor R C J, Henderson R K, Sew ell J 1, "Design O f A Switched-Capacitor Filter
For A M obile Telephone Receiver", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.27 N o.9
pp.1294-1298, 1992

41

Chiappano G, Colam onico A, Donati M, Maloberti F, M ontecchi F„ "A Tunable SwitchedCapacitor Programmable N-Path Tone Generator And Receiver", I E E E J o u r n a l o f S o lid S t a te C ir c u its , V ol.23 N o.6 pp.1418-1425, 1988

42

Habuka T, et al, "A Single-Chip FM M odem baseband CMOS LSI for Land M obile
Telephone Radio Units", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.20, pp.617-644, Apr1985
Nakayam a K, et al, A Personal Transceiver Baseband LSI U sing Sw itched Capacitor
Techniques", P r o c s o f th e 1 0 th E u r o p e a n S o l id S ta te C o n fe r e n c e , pp.248-251, S ep -1984

43
44

Maundy B, Elmasry Ei, "Switched-Capacitor Realizations O f Artificial Neural Network
Learning", E le c tr o n ic s L e tte r s , V ol.27 N o .l pp.85-87, 1991

45

Ishikawa M, Kimura T, Tamaki N, "A CMOS Adapative Line Equilizer", I E E E J o u r n a l o f
S o lid - S ta te C ir c u its , V ol. 19, pp.788-793, Oct-1984

46

A llstot D J, Brodersen R W, Gray P R, "An Electrically Programmable Switched Capacitor
Filter", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V o l.14 N o.6 , pp.1034-1041, 1979

47

Martin K, Sedra A S, "Effects o f Finite Gain and Band width on the performance o f
Switched-Capacitor filters", I E E E T r a n s a c tio n o n C ir c u its & S y s te m s , C A S-28, pp.822829, 1981

48

Fattaruso J W, Kiriati S, D ew it M, Warwar G, "Self-Calibration Techniques for a SecnodOrder M ultibit Sigm a-D elta Filter", D i g e s t o f th e I E E E I n t e r n a ti o n a l J o u r n a l o f S o l i d
S ta te s , V ol.28, N o. 12, pp.1216-1223, 1993

49

Sze S M, S e m i c o n d u c to r D e v ic e s - P h y s ic s a n d T e c h n o lo g y , John W iley & Sons, 1985.

50

W ilson W B, M assoud H Z, Swanson E J, George R T, Fair R B, "Measurement and
M odeling o f Charge Feedthrough in n-Channel MOS Switches", I E E E J o u r n a l o f S o lid S ta te C ir c u its , D ec -1985

51

Shieh J H, Sheu B J, "Measurement and Analysis o f Charge Injection in MOS Analogue
Switches", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , A pr-1987

52

Eichenberger C, Guggenbuhl W, "Charge Injection o f A nalogue CMOS Switches", l E E
P r o c e e d in g - G , V ol. 138, N o.2, pp. 155-159, Apr-1991

References

225

53

T em es G C, "Simple Formula for Estim ation o f M inim um C lock-Feedthrough Error
Voltage", E le c tr o n ic s L e tte r s , V ol.22, N o.20, pp. 1069-1070, Sep-1986

54

Eichenberger C, Guggenbuhl W, "On Charge Injection in A nalogue Switches and Dummy
Sw itch Com pensation Techniques", I E E E T r a n s o n C ir c u it s & S y s t e m s , V o l.37 N o.2,
pp.257-264, F eb-1990

55

Eichenberger C Guggenbuhl W , "Dummy Transistor Com pensation o f A nalog M OS
Switches", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , SC-24, N o.4, p p .l 143-1146, A ug-1989

56

Furrer B, Guggenbuhl, N o ise A nalysis o f Sam pled-D ata Techniques for Sw itched
Capacitor Biquad", A e u - A r c h i v F u r E l e k t r o n i k U n d U b e r t r a g u n g s t e c h n i k - E l e c t r o n i c s ,
V ol.37 No. 1-2 pp.35-40, 1983
Toth L, Suyam a K, "Exact N o ise A nalysis o f "Ideal" Switched-C apacitor Networks",
I E E E I S C A S P r o c s , V .2, pp.1585-1588, 1991

57
58

G oette J, G uggenbuhl W , "N oise Perform ance o f Sw itched-C apacitor-Integrators
A ssu m in g D ifferent Operational Transconductance (O TA ) M odels", I E E E T r a n s o n
C ir c u its & S y s te m s , C A S-35, N o.8, pp. 1042-1048, A ug-1988

59

Goette J, Kaelin A, Guggenbuhl W, M oschytz G S, "An Approximate N o ise Computation
for General Integrator-Based Switched-C apacitor Filters", I E E E T r a n s o n C i r c u it s &
S y s te m s , C A S-38, N o .l l , pp.1249-1254, 1991

60

G oette J, Gobet C -A , "Exact N o ise A nalysis o f Switched-C apacitor Circuits and an
Approxim ate Computer Implementation", I E E E T r a n s o n C i r c u it s & S y s t e m s , C A S-36,
N o.4, pp.508-521, Apr-1989.

61

Gobet C A , Knob A , "Noise-Analysis O f Switched Capacitor Networks", I E E E T r a n s o n
C ir c u its & S y s te m s , V ol.30 N o .l pp.37-43, 1983
Haigh D G, Taylor J T, "On Switch Induced Distortion in Switched Capacitor Circuits",
I E E E I S C A S P r o c s , 1988

62
63

Wu Chung-Yu, Yu Tsai-Chung, Chang Shin-Shi "New M onolithic Switched-C apacitor
Differentiators with Good N oise Rejection", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.24,
N o .l, pp.177-180, Feb-1989

64

Wu C Y , Yu T C, Chang S S, "New M onolithic Switched-Capacitor Differentiators W ith
Good N oise Rejection", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.24 N o .l pp.177-180.
Comment: Mohan Pva, ibid, V ol.27 N o.6 P.951, 1989

65

Fox R M, Stillo C M , Ferris D J, "Criteria For L ow -N oise Switched Capacitor CircuitDesign", E le c tr o n ic s L e tte r s , V ol.27 No. 13 pp. 1203-1205,1991

66

Lam K K, Copeland Ma, "N oise-Cancelling Switched-Capacitor Filtering Technique",
E le c tr o n ic s L e tte r s , V ol. 19 N o.20 p p.81 0 -811,1983

67

Maloberti F, M ontecchi F, "Low-Frequency N oise-R eduction In Time-Shared SwitchedCapacitor Filters", l E E P r o c s - G E le c tr o n ic C ir c u its a n d S y s te m s , V ol. 132 N o.2, 1985

68

Walscharts H, Kustermans L, Sansen W m, "Noise Optimization O f Switched-Capacitor
Biquads", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.22 N o.3 pp.445-447, 1987

69

W ng S L Salma T "A Switched Differential Op-Amp with Low O f fset and Reduced 1/f
Noise", I E E E T r a n s o n C ir c u its & S y s te m s , V ol.33, N o .l l , p p .l 119-1127, N ov-1986

70

Kaelin A , Goette J, Guggenbuhl W , M oschytz G S, "A novel Capacitance A ssignm ent
Procedure for the D esign o f Sensitivity- and N oise-O p tim ized Sw itched-C apacitor
Filters", I E E E T r a n s o n C ir c u its & S y s te m s , C A S-38, N o .l l , pp. 1255-1267, N ov-1991

71

L ee B W , Bae Y S, Baek S Y, "Power Supply Ripple Reduction Techniques for SwitchedCapacitor Circuits", I E E E I S C A S P r o c s , V .2, pp. 1581-1584, 1991

72

Fischer J H, "Noise Sources And Calculation Techniques For Switched Capacitor", I E E E
J o u r n a l o f S o lid - S ta te C ir c u its , V ol. 17 N o.4 pp.742-752, 1982

73

Castello R, Gray P R, "Performance Limitation in Switched-Capacitor Filters", I E E E T r a n s
o n C ir c u its & S y s te m s , S ep -1985

74

A ggarw al S, Bhattacharyya A B, "Low-Frequency Gain-Enhanced CM OS Operational
Amplifier", l E E P r o c e e d in g - G , V ol.138, N o.2, pp.170-174, Apr-1991

75

Y ang H C, Ireland J R, A llstot D J, "Improved Operational A m plifier Com pensation
T echniques for H igh-Frequency Switched-C apacitor Circuits", P r o c s o f th e M i d w e s t
S y m p o s i u m o n C ir c u its & S y s te m s , pp.952-955, 1988

76

Yang H C, A llstot D J, "Optimized Operational Am plifier Compensation Technques for
Switched-Capacitor Circuits", paper submited for publication

226
77

V allee R E, El-M asry E I, "Novel CMOS Operational A m plifier D esign Technique for
H igh-Frequency Switched-Capacitor Applications", l E E P r o c s - G , V .138, N o.5, pp.623626, O ct-1991

78

K linke R, H osticka BJ, Pfleiderer HJ, "A Very H igh S lew Rate CM OS Operational
Amplifier", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.24 N o.3 pp.744-746, 1989

79

Nagaraj K, Singhal K, Viswanathan T R, Vlach J, "Reduction o f Finite-Gain Effect in
Switched-Capacitor Filters", E le c tr o n ic s L e tte r s , vol 21, pp.644-645, 18-Jul-85

80

Haug K, Maloberti F, Tem es G C, "Switched-Capacitor Integrators with Low Finite-Gain
Sensitivity", E le c t r o n ic s L e tte r s , vol 21, p p .l 1 5 6 -1 1 5 7 ,2 1 -N ov-85

81

Larson L E, Tem es G C, "Switched Capacitor Gain Stage with Reduced Sensitivity to
A m plifier Gain and O f fset Voltage", E le c tr o n ic s L e tte r s , V ol.22, N o.24, p. 1281, 20 N ov1986

82

Ki W, Tem es G C, "Of fset-Com pensated Switched-Capacitor Integrators", I E E E I S C A S
P r o c s , , pp.2829-2832, 1990

83

Tem es G C, Haug K, "Improved O f fset-Com pensation Schem es for Switched-Capacitor
Filters", E le c t r o n ic s L e tte r s , vol 20, 12, p p .5 0 8 -5 0 9 ,07 Jun-1984

84

Ki W, T em es G C, "Low Phase-Error O f fset-C om pensated S w itched-C apacitor
Integrator", E le c t r o n ic s L e tte r s , V ol 26, N o .l3 , 21 Jun-1990

85

Nagaraj K, V lach J, Viswanathan T R, Singhal K, "Switched-Capacitor Integrator with
Reduced Sensitivity to Amplifier Gain", E le c tr o n ic s L e tte r s , 22, p p .l 103-1105, 1986

86

Ki W H, Tem es G C, "Gain- and O f fset-Compensated Switched-Capacitor Filters", I E E E
I S C A S P r o c s , V .2, pp. 1561-1564, 1991

87

Baschirotto A , C astello R, M ontecchi F, "Finite Gain Com pensated D ouble-Sam pled
Switched-Capacitor Integrators for High-Q Band pass Filters", I E E E T r a n s o n C ir c u its &
S y s te m s , V o l.39, N o.6, pp.425-431, Jun-92

88

McCreary J L, "Matching Properties and V oltage and Temperature Dependence o f MOS
Capacitors", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , SC-16, pp.608-616, Dec-1981

89

Shyu J, Tem es G C, Yao K, "Rand om Errors in MOS Capacitors", I E E E J o u r n a l o f S o l id
S ta te C ir c u its , SC-17, pp. 1070, D ec-1982
Ghaderi M B, et al, "Narrow-Band Switched-Capacitor Band pass Filters", I E E E T r a n s o n
C ir c u its & S y s te m s , C A S-29, N o.8, pp.557-572, A u g -1982

90
91

Franca J E, "Decimators and Interpolators for Narrowband Switched Capacitor Band pass
Filter Systems", I E E E I S C A S P r o c s , pp.789-793, 1984

92

Franks L E, Sand berg I W, "An Alternative Approach to the Realization o f Network
Transfer Functions: The N-Path Filter", T h e B e l l S y s te m s T e c h n ic a l J o u r n a l, pp.1321-1350,
S ep -1960.

93

V on Grunigen D C, S igg R P, Schm id J, M oschytz G C, "An Integrated Sw itched
Capacitor Band pass Filter based on N-Path and Frequency-Sam pling Principles '/E EE
J o u r n a l o f S o lid - S ta te C ir c u its , S C -18, N o.6, D ec -1983
Patangia H C, Zenone B, "A Method o f Eliminating Unwanted Passband s in a SwitchedCapacitor N-Path Filter", P r o c s o f th e 2 6 th c o n f o n C ir c u its & S y s te m s , pp.449-453, Aug1983

94

95

Fettw eis A , W upper H, "A Solution to the Balancing Problem in N-Path Filters", I E E E
T r a n s o n C i r c u it T h e o r y , CT-18, pp.403-405, May-71

96

Hsu T, Tem es G C, "An Improved Circuit for Pseudo N-Path Switched-Capacitor Filters",
I E E E T r a n s o n C ir c u its & S y s te m s , C AS-32, No. 10, pp.1071-1073, Oct-1985

97

Kleine U, Pand el J, "Novel Switched-Capacitor Pseudo-N-Path Filter", E le c tr o n ic s L e tte r s ,
V o l.l8 N o .2 p p .6 6 -6 8 , 1982

98

Lin J C, N evin J H, "Differential Charge-Domain Bilinear-Z Switched-Capacitor Filters",
I E E E T r a n s o n C ir c u its & S y s te m s , V ol.35 N o.4 pp.409-415, 1988

99

Czarnul Z, Tem es G C, Yesilyurt A G, "Pseudo-N-Path Switched Capacitor Filters with
Out-of -Band N oise Peaks", E le c tr o n ic s L e tte r s , V -27, N o .l3 , pp.l 137-1139, 20 Jun-1991.

100

Tan S E, Inoue T, Ueno F, "A N ovel D esign o f Very Low Sensitivity Narrow-Band Band
-Pass SC Filters ", l E I C E T r a n s o n F u n d a m e n ta l s V ol.E 76-A , N o.3, pp.310-316, Mar
1993.

101

Tan S E, Inoue T, Ueno F, "A D esign o f Narrow-Band Band -Pass SCF's U sing a P-2-P
Principle and a Capacitor-Error-Free Inversion", I E E E I S C A S P r o c s , M ay-93 V o l.2 ,
pp. 1034-1037, 1993

References

102

227

N ossek J A, Weinrichter H, "Noise Figures o f Switched-Capacitor N-Path Filters", P r o c s
D e s i g n , pp.2 9 7 -2 9 9 , Stuttgart,
Germany, 1983

o n th e E u r o p ia n C o n fe r e n c e o n C ir c u it T h e o r y a n d

103

Garcia-Vazquez J L A , Sanchez-Sinencio E, "Finite Gain-Band width Product Effects on a
Pair o f Pseudo-N-Path SC Filters", I E E E T r a n s o n C ir c u its &. S y s t e m s , C A S-31, pp.583584, Jun-1984

104

Betts A , "The D esign o f High Frequency and Ultra-Narrow-Band Sw itched Capacitor
Filters", P h D T h e s is , University College, University o f London, 1990.

105

Betts A K, Taylor J T, "A Finite-Gain-Insensitive Circulating-Delay type Pseudo-N-Path
Filter", E le c tr o n ic s L e tte r s , V -26, N o.23, pp. 1941-1942, 8-N ov-1990.

106

Betts A K, Shafeeu H, Taylor J T, "Amplifier Gain Insensitive SC Integrators with 'Same
Sam ple Correction' o f Both Gain and Phase for Singlepath and M ultipath Circuits",
E le c tr o n ic s L e tte r s , V -27, No. 16, pp. 1424-1426, 1 A ug-1991.

107

Betts A K, Shafeeu H, Taylor J T, "Same Sample Correction o f Am plifier Gain Effects in
SC Circuits ", P r o c s o n th e E u r o p i a n C o n f e r e n c e o n C ir c u it T h e o r y a n d D e s i g n , V -1,
pp. 197-202, Copenhagen, S ep -1991.

108

Franca J, "Switched Capacitor System s for Narrow-hand Filtering", P h D T h e s is , Imperial
C ollege, University o f London, 1985

109

Franca J, "On Switched Capacitor Band pass System s with Very Narrow R elative Band
widths", P r o c s o n th e E u r o p ia n C o n fe r e n c e o n C ir c u it T h e o r y a n d D e s ig n , 1985

110

Franca J E, "A Single-Path Frequency Translated Switched-Capacitor Band pass Filter
System", I E E E T r a n s o n C ir c u its & S y s te m s , C A S-32, N o.9, pp.938-944, Sep-85

111

Bellanger M, "Multirate Filtering", Chapter 10 in D i g i ta l P r o c e s s in g o f S i g n a ls - T h e o r y
a n d P r a c tic e , John W iley & Sons 1984

112

Shafeeu H, Betts A K, Taylor J T, "Approaches to Ultra-Narrow-Band A nalogue IC Filter
D esign using Switched Capacitors”, l E E c o llo q u iu m o n A d v a n c e s in A n a lo g u e V L S I, 14th
May 1991

113

Shafeeu H, Betts A K, Taylor J T, "Implementation Issues for Ultra-Narrow -Band
Switched Capacitor Filters", I E E E I S C A S P r o c s , M ay-92, pp.2304-2307, 1992

114

Shafeeu H, Betts A K, Taylor J T, "Implementation o f a Very Narrow Band Finite Gain
Insensitive Pseudo-N-Path Filter”, I E E E I S C A S P r o c s , pp.5.581-5.583, 1994

115

Shafeeu H, Betts A K, Taylor J T, "Novel A m plifier Gain Insensitive Switched-Capacitor
Integrator with Same Sam ple Correction Properties", E l e c t r o n i c s L e t te r s , V -27, N o.24,
pp.2277-2279, 21 N ov-1991.

116

Shafeeu H, Betts A K, Taylor J T, "An Im proved Tuning T echnique for Sw itched
Capacitor Filters”, I E E E I S C A S P r o c s , pp.5.633-5.637, 1994

117

Betts A K, Taylor J T, "Evaluation & Synthesis o f U ltra-Narrow-Band Sw itchedCapacitor Filters Em ploying Multirate Techniques", I E E E I S C A S P r o c s , p p .2 197-2200,
1990

118

Barlow R J, S ta tis tic s - a g u id e to u s e o f S t a tis tic a l M e th o d s in th e P h y s ic a l S c ie n c e s , John
W iley & Sons, 1989

119

B evington P R, Robinson D K, D a t a R e d u c ti o n a n d
S c ie n c e s , McGraw-Hill, 1992

120

Martins R P, Franca J E, "Optimum Im plem entation o f a M ultistage HR Sw itchedCapacitor Band pass Decimator for a Voiceband Analogue Interface System", I E E E I S C A S
P racj, V .2, pp. 1661-1664, 1988

121

Baschirotto A , C astello R, M ontecchi F, "HR D ouble-Sam pled Sw itched-C apacitor
Decimators For High-Frequency", I E E E T r a n s o n C ir c u its & S y s te m s , V ol.39 N o.4 pp.300304, 1992

122

Martins R P, Franca J E, "Novel 2nd-0rder Switched-Capacitor Interpolator", E le c t r o n ic s
L e tte r s , V ol.28 N o.4 pp.348-350, 1992

123

Martins RP, Franca JE, "Optimum M ultistage Multirate Switched Capacitor Architectures
For Selective Interface Filtering", E le c tr o n ic s L e tte rsW o \.2 % N o .l pp.72-75, 1992

124

Ping W, Franca J E," N ew Form O f Realization o f HR Switched-Capacitor Decimators",
E le c t r o n ic s L e tte r s , V ol.29 N o. 11 pp.953-955, 1993

125

Franca J E, Martins R P, "HR Switched-C apacitor D ecim ator B uilding B lock s w ith
Optimum Implementation", I E E E T r a n s o n C ir c u its & S y s t e m s , V o l.37 N o .l, pp.81-90,
Jan-1990

E r r o r A n a l y s i s f o r th e P h y s i c a l

228
126

Franca J E, "Switched-Capacitor Polyphase D ecim ating Circuits With Reduced Spread",
E le c tr o n ic s L e tte r s , V ol.27, 1991

127
128

MIETEC 2 .4 |im D esign R ules and
Westerromg 15, B 9700 Gudenaarde

Parameters, EUROCHIP S ervice O rganisation,

Cadence Edge Tools, Rutherford Appleton Laboratories, England ,

129

Harjani R, "Designing M ixed Signal ICs", I E E E S p e c tr u m , pp.49-51, N ov-1992

130

Suyama K, U s e r s ' M a n u a l f o r S W I T C A P - 2 , Version 1.0, Dept, o f Elecrical Engineering
and Centre for Telecom m unications Research, Columbia University, N ew York, N Y 10027, F eb -1991

131

Bruton L T, "Low Sensitivity Digital Ladder Filters", I E E E T r a n s o n C ir c u its & S y s te m s ,
C A S-32, N o.3, pp. 168-176, Mar-1975

132

Saal R, H a n d B o o k o f F i l t e r D e s i g n , A llg em ein e E lek tricitats-G esellsch aft A E G Telefunken, 1979

133

Jacobs G M, A llstot D J, Brodersen R W , Gray P R, "Desigen Techniques for MOS
Switched Capacitor Ladder Filters", I E E E T r a n s o n C ir c u its & S y s te m s , D ec -1978

134

Gray P G, M eyer R G, "MOS Operational Amplifier D esign - a Tutorial Overview", I E E E
J o u r n a l o f S o lid - S ta te C ir c u its , SC-17, pp.969-982, 1982

135

Chuang C T, "Analysis o f the Settling Behaviour o f an Operational Amplifier", I E E E
J o u r n a l o f S o lid - S ta te C ir c u its , Vol. 17, pp.74-80, 1982

136

Toumazou C, Haigh D G, "Design o f GaAs Operational Amplifiers for Analogue Sampled
Data Applications", I E E E T r a n s o n C ir c u its & S y s te m s , C A S-37, N o.7, pp.922-936, Jul1990

137

G eiger R L, A llen P E, Strader N R, V L S I D e s i g n T e c n iq u e s f o r A n a lo g u e a n d D i g i t a l
C ir c u its , McGraw Hill International Editions, 1990

138

Morris J A G , Samiy H, U s e r G u id e f o r th e M I E T E C 2 .4 p m C M O S L i b r a r i e s o n C a d e n c e
E D G E S o f t w a r e , Version 1.1, User Guide Release 1.4, F eb -1992

139

Sicard E, Rubio A , "Analysis o f Crosstalk Interface in CMOS Integrated Circuits", I E E E
T r a n s o n E le c tr o m a g n e tic C o m p a tib ility , V ol.34, N o.2, pp. 124-129, M ay-1992

140

SW AP Manual, Silva Lisco

141

Easy-PC: Printed Circuit Board Layout and Circuit Diagram Draughting Program, Number
One System s Ltd. 1, England

142

Pand el J, Bruckmann D, Fettweis A, Hosticka B J, Kleine U, Schw eer R, Zimmer G,
"Integrated 18th order Pseudo-N-Path Filter in V IS-SC Technique", I E E E J o u r n a l o f
S o lid - S ta te C ir c u its , V ol.21 N o .l, pp.48-56, 1986

143

K leine U , Brockherde W, Fettweis A, Hosticka BJ, Pandel J, Zimmer G, "An Integrated
Six-Path W ave SC Filter", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.20 N o.3 Pp632-640,
1985

144

Ogawa S, Watanabe K, "Clock-Feedthrough Compensated Switched-Capacitor Circuits",
E le c tr o n ic s L e tte r s , V ol.27 N o.22 pp.2045-2046, 1991

145

Ogawa S, Watanabe K, "Clock-Feedthrough Compensated Switched-Capacitor Circuits",
I E E E I S C A S P r o c e e d in g s , V ol.2, pp. 1577-1580, 1991

146

Betts A K, Haigh D G, Taylor J T, "Design Issues for a Switched-Capacitor Filter using
GaAs Technology", I E E E I S C A S P r o c s , pp.2216-2219, 1990

147

Larson L E, Tem es G C, "Switched Capacitor Building Blocks with Reduced Sensitivity to
Am plifier Gain and O f fset Voltage", I E E E I S C A S P r o c s , pp.334-338, 1987

148

C ox D B, Lin L T, Florek R S, Tseng H F, "A Real-tim e Programmable Sw itched
Capacitor Filter", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , S C -15, pp.972-977, 1980

149

Martin K, Sedra A S, " Switched Capacitor Building Blocks for Adaptive Systems", I E E E
T r a n s o n C ir c u its & S y s te m s , C A S-28, pp.576-584, 1984

150

Kuraishi Y , et al, "A S in gle-ch ip 20-channel S peech Spectrum A nalyser using a
M ultiplexed Switched Capacitor Bank", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , pp.964-970,
D e c -1984

151

C ox D B, "A D igitally Progranunable Switched-Capacitor Universal Active-Filter", I E E E
J o u r n a l o f S o lid - S ta te C ir c u its , V ol. 18 N o.4 pp.383-389, 1983

152

Mohan P V A , Ramachand ran V, Swamy Mns, "New Programmable Switched-Capacitor
F ilte r " , E le c tr o n ic s L e tte r s , Y o \ . 2 2 , N o.5, pp.280-281, 1986

References

153

154

229

Bhattacharyya B B, Rathore T S, "An Econom ical D igitally Programmable Sw itchedCapacitor Biquad", IEEE Journal o f Solid-State Circuits 1987 V ol.22 N o .4 pp.627-629,
1986
Petraglia A , Mitra S K, "Digitally Programmable Switched-Capacitor Equilizers", I E E E
I S C A S P r o c s , V .2, pp.1681-1684, 1991

155

156
157
158

Petraglia A , Mitra S K, "Switched Capacitor Equalizers w ith D igtally Programm able
Tuning Characteristics", I E E E T r a n s o n C ir c u its & S y s te m s , V ol-38, N o .l l , pp.1322-1331,
N o v -1991
Mittal M, Jamuar S S, "Programmable Frequency-Independent Switched-Capacitor PhaseShifter Unity Gain", M e a s u r e m e n t S c ie n c e & T e c h n o lo g y , V ol.2 N o.5 pp.475-477, 1991
Sasikumar M , Rao K R, Reddy M A'Trogranunable Switched-Capacitor Filter with N o
Additional Silicon Area", P r o c s o f th e IE E E , V ol.72 N o.5 pp.648-650, 1984
Sandler H M, Sedra A S, "Programmable Switched-Capacitor Low -Pass Ladder Filters",
I E E E J o u r n a l o f S o lid - S ta te C ir c u its , Vol.21 N o.6 pp. 1109-1119, 1986

159

D ias V F, Franca J E, "Programmable FIR Switched-Capacitor Decimators", I E E E I S C A S
P r o c s , V .2, pp.1685-1688, 1991

160

161
162

163

Lin L T, Tseng H F, C ox D B, V iglion e S S, Conrad D P, Runge R G, "A M onolithic
A udio Spectrum Analyzer", I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol. 18 N o .l pp.40-45,
1983
Nakayama K, Sato Y, Kuraishi Y, "Design Techniques For Switched-Capacitor Adaptive
Line Equalizer", I E E E T r a n s o n C ir c u its & S y s te m s , V ol.32 N o.8 pp.759-766, 1985
Nakayama K, Takahashi Y, Sato Y, Nukada Y, "An Adaptive Sc Line Equalizer System for
4-W ire Full-D uplex and Multirate D igital Transmission", I E E E T r a n s o n C i r c u it s &
S y s te m s , V ol.35 N o.9 pp.1073-1081, 1988
H osticka B J, Herbst D, H oefflinger B, K leine U, Pand el J, Schw eer R, "Real-Time
Programmable Low -Power SC Band pass Filter", I E E E J o u r n a l o f S o l id - S t a t e C ir c u its ,
V ol. 17 N o.3 pp.499-506, 1982

164

Vallancecourt D, Tsividis Y P, "Timing Controlled Programmble Analog Signal Processors
U sing Switched Continuous-Tim e Filters", I E E E T r a n s o n C ir c u its & S y s t e m s , V ol.35,
N o.8, pp.947-953, A ug-1988

165

Vallancourt D , Tsividis Y P, "A Fully Programmable Sampled Data A nalog CM OS Filter
with Transfer- Function C oefficients Determined by Timing", I E E E J o u r n a l o f S o lid - S ta te
C ir c u its , V ol.22, N o.6, pp. 1022-1030, D ec -1987

166

Lin J, Edwards T, Shamma S, "Offset-Compensated A rea-E fficient Sw itched Capacitor
Sum-Gain Amplifiers, I E E E I S C A S P r o c s , V ol.2, pp. 1026-102 , M ay-1993

167

T sividis Y P, Banu M, Khoury J, "Continuous Tim e M OSFET-C filters in VLSI", I E E E
T r a n s o n C ir c u its <Sc S y s te m s , V ol.33, N o.2, pp. 125-139, Feb-86

168

Ism ail M, Smith S V , Beale R G, "A N ew M OSFET-C U niversal Structure for VLSI",
I E E E J o u r n a l o f S o lid - S ta te C ir c u its , V ol.23, pp. 183-194, Feb-1988

169

T sivid is Y , Czarnul Z, Fang SC "MOS Transconductors and Integrators w ith H igh
Linearity", E le c tr o n ic s L e tte r s , V ol.22, N o.5 pp.245-246, 27Feb-1986

170

Singh S P, Hanson J V, V lach J, "A N ew Floating Resistor for CMOS Technology", I E E E
T r a n s o n C ir c u its & S y s te m s , V ol.36 N o.9 pp. 1 2 1 7 -1 2 2 0 ,1 9 8 9

171

W ang Z, "Novel E lectronically C ontrolled Floating R esistor U sin g M OS Transistor
Operating in Saturation", E le c tr o n ic s L e tte r s , V ol.27 N o.2 pp. 188-189, 17 Jan-1991

172

Steyaert M , Silva-M artinez J, Sansen W , "High Freuqency Saturated CM OS Floating
Resistor for Fully Differential A nalogue Signal Processors", E le c t r o n ic s L e tte r s , V o l.2 7
N o. 18 pp.1609-1611, 29 Aug-1991

173

Nagaraj K, "New CMOS Floating V oltage- Controlled Resistor", E l e c t r o n i c s L e t te r s ,
V ol.22 N o. 12 pp.667-668, 5 Jun-1986

174

Sakurai S, Ismail M, "A CMOS Square-Law Programmable Floating Resistor Independent
o f the Threshold Voltage", I E E E T r a n s o n C ir c u its & S y s te m s , V ol.39 N o.8 pp.565-574,
1992

175

Tsividis Y P, V avelidis K, "Linear, Electronically Tunable Resistor", E le c t r o n ic s L e tte r s ,
V ol.28, N o.25, 3-D ec-92, pp.2303-2305

176

Smythe R C, "Current Trends In Crystal Filters", I E E E T r a n s o n S o n i c s a n d U ltr a s o n ic s ,
V ol.30, N o.6, p .3 9 3 ,1983

230
177

Kinsman R G, "Monolithic Crystal Filter Improved Equivalent-Circuit", I E E E T r a n s o n
S o n i c s a n d U ltr a s o n ic s , V ol.31, N o .l pp.58-60, 1984

178

179

Sm ythe R C, Howard Md, Hunt J R, "VHP M onolithic Crystal Filters Fabricated By
C hem ical M illing", I E E E T r a n s o n U ltr a s o n ic s F e r r o e le c t r i c s a n d F r e q u e n c y C o n tr o l,
V ol.33 N o .l P. 125, 1986
Dworsky L N, Shanley C W, "The Motorola M ultipole M onolithic Crystal Filter Project",
F r e q u e n c y C o n tr o l, V ol.33 N o .l P. 125,
1986
Howard M D, Smythe R C, M orley P E, "Monolithic Crystal Filters H aving Improved
Interm odulation and P ow er hand lin g Capability", I E E E T r a n s o n U l t r a s o n i c s
F e r r o e le c tr ic s a n d F r e q u e n c y C o n tr o l, V ol.33 N o .l pp. 125-126, 1986

I E E E T r a n s o n U ltr a s o n ic s F e r r o e le c t r i c s a n d

180

181

Lu S K S, "Design o f Symm etrical Polylithic Crystal Filters H aving Equal M otional
Inductances", E le c tr o n ic s L e tte r s , V ol.27 N o.16 pp. 1456-1457, 1991

182

Lu S K S, "Band stop M onolithic Crystal Filters Having A llpass R esponse Outside
Stopband ", E le c tr o n ic s L e tte r s , V ol.27 No.21 pp. 1890-1891, 1991

183

Nakamura K, Shimizu H, "Coupled Resonator Distributed-Element Circuits for M onolithic
Crystal Filters", I E E E T r a n s o n U ltr a s o n ic s F e r r o e le c tr ic s a n d F r e q u e n c y C o n tr o l, V ol.39
N o.3 pp.324-329, 1992

184

Lu S K S, "Odd-Degree Elliptic-Function Lower-Side- Band Polylithic Crystal Filters",
l E E P r o c s - G C ir c u its - D e v ic e s a n d S y s te m s , V o l.140 N o.2 pp.91-94, 1993

185

V isocchi P, Taylor J T, Betts A K, Haigh D 0 , "The Variable Gain Bootstrap A ctive Load:
a N ew Approach to A m plifier Voltage-Gain Enhancement and Control", I E E E T r a n s o n
C ir c u its & S y s te m s , C AS-40, N o.7, pp.440-448, 1993

186

Lutz P, Weinrichter H, "Direct-Frequency and Image-Frequency Transfer-Functions O f
Switched-Capacitor Networks", E le c tr o n ic s L e tte r s , V ol. 19 N o.9 pp.354-355, 1983

187

Kaneko T, Akazawa Y, Nagatani M, "Switched Capacitor And A ctive-R c Filter Layout
U sing A Generator", l E I C E T r a n s o n F u n d a m e n ta ls o f E le c tr o n ic s C o m m u n ic a tio n s A n d
S c ie n c e s , V e75a N o .10 pp.1301-1305, 1992

188

Glaser A B, Subake-Sharpe G E, I n t e g r a t e d C i r c u i t E n g i n e e r i n g , A d d iso n -W esley
Publishing Co, 1979
Fiegna C, Iwai H, Wada T, Saito M, Sangiorgi E, R icco B, “Scaling MOS Transistors
B elow O.lfxm: M ethodology, D evice Structures and Technology Requirem ents”, I E E E
T r a n s o n E le c tr o n D e v ic e s , V .41, N o.76, pp.941-949, Jun-1994

189

190

D ik e R S U, “Physical Phenom ena and Lim itations in Submicrom eter M O SFE T s”,
I n t e m a t i o n a l J o u r n a l o f E le c tr o n ic s , V .76, N o.3, pp.403-415, 1994

191

M eyer P L, I n t r o d u c t o r y P r o b a b i l i t y a n d
Publishing Company, 1973

192

Chatfield C, S ta tis tic s f o r T e c h n o lo g y , Chapman and Hall, 3rd edition, 1991

193

Papoulis P, P r o b a b i li t y , R a n d o m V a r ia b le s , a n d
International Editions, 2nd Edition, 1986

194

Private communication with Mr. S Smedley, Lecturer, University C ollege London, 1994

195

M ATLAB - A high performance Numerical Computation and Visualisation S o f tware. The
MathWorks Inc, U SA

196

Tektronix probes - P6202A , Tektronix Inc, Oregon, U SA .

S t a t i s t i c a l A p p li c a ti o n s ,

A dd ison -W esley

S t o c h a s ti c P r o c e s s e s , M cG raw -H ill

Appendix A

Appendix

231

APPENDIX A

A.1 Statistical calculations
This appendix shows how to calculate the mirror strength for statistical high-level
parameter variations (such as fo, peak amplitude, relative bandwidth (RBW), etc.).
These calculations are verified by comparing them to those produced in the past by
numerical techniques using Monte-Carlo analysis.
It was shown in chapter 2 (equations 2.4-2.6) that the mirror component at a
given frequency, ooi, can be obtained from:
N

M actual

=<0 ,

t=l

(A.1)

- i t
Joi\T

I

where N is the number of paths, Vf and Vj- are the actual and ideal frequency
(including the alias) responses at coi with the appropriate phase shift and expressed
as vectors respectively. Hi is the ideal frequency response, AAj- and AOj- are the
amplitude and phase errors respectively, k is the closest integer to coi/cOs (cOg is the
sampling frequency) and e. is the error vector (all of which with the index i
corresponds to the i^ path-filter). It was also shown in (2.7) that the mirror strength
can be obtained from:
M.mirror = |Mactual\

1 N
IE ,
~ N 1=1
where

(A.2)

gives the strength of the mirror at coi. Equations (A.1) and (A.2), can

be used to calculate the statistical variation of high-level parameters caused by the
non-ideal components. The mirror strength is obtained as the mean value ofM^,y^^^
when compare to the length of V-, where the length of V, corresponds to the
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amplitude of the ideal frequency (or alias) response evaluated at coi. The statistical
rules that are used for the analysis will now be described.

A.1.1 S tatistical rules u se d for th e an aly sis
Let % be a variable that has a Gaussian distribution with a mean x and standard
deviation <3^. Therefore, 68.3% of the measurements of % will lie within the range
x ± c ^ . The variance of x is given by [118]:
var(jr) = c]

(A.3)

If a new function is defined such that:
f = ax + by+ c

(A.4)

where x and j are independent random variables with a Gaussian distribution and a,
b and c are constants, then the variance of / i s given by:
(A.5)
Relating to the analysis of the mirror, the variance of the function, / , would
correspond to the variance of M for a given high-level parameter variation and the
random variable jc and y would correspond to the error vectors corresponding to the
path filters.
If the variables are such that their 2^^ derivatives are small in the interval of
interest, then the variance o f /i s given by:
2

v ar(/) =

=

a

+

x=x

(A.6)

y=y

If a new function (of random variables) Z has a Gaussian distribution with mean 0
and variance (3%^, then it can be shown that the mean value of IZI is given by:

mean{\Z\) =

(A.7)
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Now, let JC and3^be two independent random variables with a Gaussian distribution
having a mean 0 anda variance
and if v is a random vector in complex plane
such that:
v=jc + j i

(A.8)

then the variance of the random vector will be taken as the sum of the variances of
the real and imaginary parts, i.e.
var(v) = wai[real{v)) + var(/m<3g(v))

(A.9)

Additionally, the length of the random vector will have a Rayleigh distribution with
a variance ap' and have a mean value given by [193]:

mean{\v\) = ^ G ^

(A. 10)

A.1.2 M ethod u se d to obtain th e m irror stre n g th
As defined in the chapter 2, Vf represents the actual frequency (including the alias)
response evaluated at a given frequency with the appropriate phase shift and
expressed as a vector for the i^^ path-filter. To calculate the statistical properties,
this vector can be written as a random variable:

Vf=ae^^

(A. 11)

where a is the amplitude and (D is the phase of the vector. In the analysis, it will be
assumed that both a and 0 have a Gaussian distribution with variances c l and GoWhen component values differ from the nominal values, then both Ga and Go have
finite values, and this will lead to a random error vector, which can be written as:

(A.12)

= ae‘* - a 'e ^ '
where a' and O ' are the ideal amplitude and phase of the alias response evaluated
at a given frequency. This is illustrated in figure A. 1.
Even though, a and O are not statistically independent, in most cases of
high-level parameter deviations, it was found that they significantly affect either the
phase or the amplitude, but not both. For example, when peak-gain is varied, it only
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affects the amplitude and when fo is varied, it significantly changes the phase.
Therefore, for this analysis, it will be assumed that a and O are statistically
independent. Also, for the analysis of the high-level parameter variations, only the
dominant variation will be considered. This simplification is later justified by the
usefulness of the results produced. If, however, they are not independent, then (A.6)
is no longer valid for evaluating the variance of the random error vector and a more
general expression that takes their covariances into account must be used. If they
are independent and Ga and Go are small, then (A.6) and (A.9) can be used to
obtain the variance of the random error vector due to the high-level parameter
variation. (This point will be discussed further when the effect of the centre
frequency deviations is calculated, which leads to large Go )
amplitude deviation

phase deviation

error vectors

Figure A.1: D eviations in amplitude and phase o f a vector

As seen from figure A.1, for small amplitude and phase variations, the
random error vectors change only in amplitude, while their phases remain relatively
constant. It can be shown that, for small Ga and Go, the error vectors will have an
amplitude variation given by Ga and Go respectively, and their phases are ( 0 or
0 - 7 t)

and (0+7t/2 or O - tc/2) respectively (depending on the sign of Ga and G o ) .

(This assumes that the amplitude of the vector corresponding to the frequency
response is 1, which is usually the case for the passband.)
To obtain the variance of the sum of several random error vectors, the
variance of each vector can be resolved into its real and imaginary parts, and
sununed separately using (A.6). Hence, the variance of the random mirror vector is
calculated as:
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v a r ( M „ „ „ , = -j^ (v a r(ë ,) + var(êj)+...+var(ê;,))

(A.13a)

var(g.) = var(rea/(e,)) + var(;mag(g.))

(A. 13b)

where:

This calculation can be simplified if the variances of the random error
vectors are taken to be identical. This is reasonable since all path filters would be on
the same die, and therefore they are expected to have similar statistical properties.
Therefore, using these assumptions, the variance of the random mirror vector is
found to be:
var^M.

)!<»=<». = ^(var(reaZ(ë)) + var(imag(e)))

(A. 14a)

where e is the random error vector corresponding to one path-filter. As shown in
chapter 2 (figures 2.10 and 2.11) the mean phase of the random error vectors are
symmetric on 2tc, (changing by multiples of 27t/N). Therefore, for sufficiently large
N, the variances of the real and imaginary parts of the mirror vector are usually the
same and this has been confirmed using simulations. Therefore, the amplitude of
the mirror can be approximated to a Rayleigh distribution, and its mean value can
be found using (A. 10) as:
1
N

+
(A. 14b)

_1
a
N
The mean value of the mirror vector, or the mirror strength is then obtained using
(A.3) and (A. 10) as:

(A.15)
Vtc 1
2
This expression gives the mirror strength for an N-path filter. Therefore, to
calculate the mirror strength due to a high-level parameter deviation, the standard
deviation of the random error vector, a^, for that parameter deviation has to be
evaluated for one path filter and extended to N-paths using (A.15). A special case if
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for separate amplitude and phase deviations for N=2, where the phase of the
random error vector is either ±n (i.e. the random error vector varies only in
amplitude). Hence the mean value must be obtained using (A.7).
Using this method, the following sections calculate the strength of the mirror
response for a 3-path filter for deviations in peak-gain, fo, RBW and clock-jitter,
assuming that each parameter is a random variable with a Gaussian distribution.
Graphical representation is used to explain the deviation and to calculate the
derivatives of the functions used in (A.5). To verify the method, numerical results
are obtained for the mirror strength at the centre frequency of the mirror response
assuming that the path-filter is a ô^h-order elliptical bandpass filter with a RBW of
1%. (For the case of the RBW deviation, the mirror strength is obtained at the
passband edge.) They are then compared with those obtained using Monte-Carlo
analysis [104]. When comparing the two sets of results, they are said to differ
significantly only if they fall outside the confidence level [118-119].
Peak-gain variation
P o le -zer o P lot

A lia s resp on se vector
(vl respresented as amplitude with normalised phase)
O pg=0.1*

VI

Error v ector
(deviations in the alias response respresented as a vector)

C e=0.1%

F igure A.2: The error for 0.1% deviation in the peak gain

When the peak-gain of a path filter is varied, it has no effect on the poles and
zeros in the Z-domain. The only effect is a variation in amplitude. This is illustrated
in figure A.2 assuming that the phase at fo is 0°. The mirror strength is calculated
using (A.15) and (A.7) as:
M,mirror,pg

1

2 VJv'"/’*
^
n

1

... fo r N > 2
(A. 16)
... fo r N = 2

where Cpg is the standard deviation of the random peak gain.
If (Tpg=0.1%, then the mean value of the mirror strength for the 3-path filter
is -65.8dB.
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Centre frequency
When the centre frequency is varied, the maximum variation of the
amplitude (of the frequency response) around the centre frequency is the passband
ripple. (At the passband edges, the amplitude variation will be greater and depends
on the roll-off.) The phase of the frequency response, however, varies dramatically
and depends on the order, the type and the RBW. This is because each pole adds a
T i l l phase shift to the phase response. For a first approximation, this phase shift is
within the bandwidth of the filter. Simulations have shown that, for a sixth-order
elliptical bandpass filter with RBW=1%, the phase shift variation around the centre
frequency is 3>k!2 for a 1% change in the centre frequency, verifying this
approximation. Therefore, a 0.1% deviation in the centre frequency of each path
filter (Cfo=0.1%), will causes a deviation of 27° in the corresponding alias response.
This is a large deviation, where the 2"^ derivative (d^e/dO^) is significant in the
region of interest, and therefore (A.5) cannot be used to calculate the standard
deviation of the random error vector. The phase error due to the random centre
frequency variation is illustrated in figure A.3.
Alias response vector

Pole-zero Plot
fo

1

0 . 1%

1

V

r

0$=27

new pole position

Effect in frequencv-domain

Error vectors

afo=o.i%

i

l-p a ssb a n d -^

a e = 0 .4 4 8

f(T
-2 7 0 ° f
ideal phase re sp o n se

fo

*1

-270‘> f
actual phase response

F igu re A.3: The mirror strength for 0.1% deviation in the centre frequency

Section A.3 shows how

can be calculated for large a o using numerical

techniques and gives the values of G^ for

from 0 to 180°. Using this and (A.15)

the mirror strength due to the centre frequency deviation is calculated as:
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K n
~Â RBW

-

M.m ir r o r ,f g
(A. 17)
2

1

Tt

.../o rA f-2

E=(l-eif(V]v/G,K)))M__,/.
where n and RBW are the order and the relative bandwidth of the filter,

(a^) is

the standard deviation of the length of the random error vector calculated for ao»
and E is the error on the predicted mirror strength (see section A.3). From figure
A.8, Gg(27°)=0.45, and therefore using (A. 17), the mean value of the mirror
strength for afo=0.1% is -12.8±0.1dB.
As explained above, the phase-shift due to the poles of the filter occurs
within the passband of the filter, with each pole adding a tc/2 phase shift. Therefore
higher order filters will have a greater phase shift for identical % . This will result
in the phase of the path filters having a larger sensitivity to the centre frequency
variations, and therefore having a poorer mirror rejection. Similarly, when the RBW
of the filter is smaller, the greater will be phase shift for identical % .
Relative bandwidth
A lia s resp on se vector

P o le -zer o P lot

alias response vectors

aa=0.18%
0.1 % * ta n ( 0 )

T~

^

r n e w p o le p o s itio n

+
J u

Error vectors

Î

ae-O.18%

F igure A.4: The mirror strength for 0.1% deviation in RBW

(< 7 r b w

When the relative bandwidth of a path filter is varied by 0.1%
= 0 . 1 % ) , the poles and zeros corresponding to that path filter in the Z-domain

are shifted by the same factor in the real axis. In the imaginary axis, the shift is such
that the angle subtended by the poles and zeros remain constant at fo, as illustrated
in figure A.4. Therefore, there is no deviation in amplitude or phase at the centre
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frequency and the maximum deviation will occur at the passband edge. It is
difficult to obtain a general expression to obtain the error vector (and therefore Cs)
for RBW variations and hence numerical techniques are used. For a 6^^-order filter
with RBW=1%, MATLAB simulations show that for a 0.1% change in RBW, it
causes a 0.18% change in the length of the error vector. Since the variations are
small, using (A.5) Og can be taken as 0.18%. Using (A.15) the mean value of the
mirror strength due to RBW variation is found to be:
Vît

M.m irro r,R B W

N>2
(A. 18)
N =2

where

the standard deviation of the length of the error vector for

variation in RBW. Using (A. 18), the mean value of the mean value of the mirror
strength for aRBW=0.1% is -60.7dB.
Clock litter
Alias response vector

Effect in time-domain

VI
Ocj=0.1%

J

i

a<I>=0.36”

f-

Error vector

1

a e = 0 .3 6 %

F igu re A.5: The image response for 0.1% clock-jitter

When there is clock jitter on any single path of the path filter, it changes the
phase of the alias response corresponding to that path filter. While the effect of this
is not as significant as the centre frequency variation, the mirror component is more
sensitive to clock jitter than either to the amplitude or the RBW variations. For
example, a 0.1% clock jitter (C cj=0.1% ) will cause a phase variation of 0 .3 6 ° (or
2tc*0. 1 /100) in one of the path filters. Therefore, using (A.5), a e= 0 .3 6 % , and using
(A.15), the mean value of the mirror strength can be calculated as:

m irro r,cj

Vjt 2tc
2
2

2k

n ^^N

... f o r N > 2
(A. 19)
<5cj . . . f o r N > 2
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U sing (A. 19), the mean value o f the m irror strength is -49.9dB for a ctRBW=0.1%.
Table A.1 gives a com parison o f the predicted m irror strengths for a 0.1%
variation o f the high-level param eters for a 6th order elliptical filter with RBW=1 %,
which is configured as a 3-path filter.

Table A.1: Predicted m irror strength for 0.1% variation in param eters
^mgigh^level Paran^eter

Mirror Rejeçtlon

Amplitude

-65.8dB

Relative Bandwidth

-60.7dB

Centre Frequency

-12.8±0.1dB

Clock Jitter

-49.9dB

T he analysis given above will now be verified, by com paring the results
obtained with those obtained by num erical analysis in the past.
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A.2 Verification of the theory
This section verifies the predictions made in the previous section by comparing the
results with those obtained by statistical simulation given in [104].
Table A.2: Comparison the predicted performance with statistical simulations
Parameter

Predicted /dB Simulated /dB^

Centre freq u en cy d eviation s

afo =0.1 %, RBW = 1% (N=3)

-

12 . 8 + 0.1

-10.8+0.7

Ofo =0.1 %, RBW = 1% (N=7)

-16.5+0.1

-14.9+0.7

Ofo = 0 .1%, RBW= 1% (N= 15)

-19.8+0.1

-17.8+0.7

afo =0.05% , RBW =1% (N=3)

-18.5+0.1

-17.5+0.7

afo =0.05% , RBW =1% (N=7)

- 22 . 2 +

0.1

-20.4+0.7

afo =0.05%, RBW =1% (N=15)

-25.5±0.1

-24.2+0.7

afo =0.1%, RBW =2% (N=3)

-18.5+0.1

-18.5+1.8 2

afo =0.1%, RBW =2% (N=7)

- 22 . 2+ 0.1

-23.0+1.8

afo =0.1%, RBW =2% (N=15)

-25.5+0.1

-25.7+1.8

afo =0.05% , RBW =2% (N=3)

-24.4+0.1

-25.0+1.8

afo =0.05% , RBW =2% (N=7)

-28.1±0.1

-27.4+1.8

afo =0.05% , RBW =2% (N=15)

-31.5±0.1

-32.4+1.8

apg =0.5%, RBW =1% (N=3)

-51.8

-53.5+1.8

apg =0.5%, RBW =1% (N=7)

-55.5

-55.8+1.8

Opg =0.1 %, RBW = 1% (N=3)

-65.8

-64.4+1.8

apg =0.1 %, RBW = 1% (N=7)

-69.5

-69.8+1.8

aRBW =0.5%, RBW =1% (N=3)

-46.7

-46.8+0.7

aR B w =0.5%, RBW =1% (N=7)

-50.4

-50.6+0.7

aRBW =0.1 %, RBW = 1% (N=3)

-60.7

-61.8+0.7

aRBW =0.1%, RBW =1% (N=7)

-64.4

-64.7+0.7

Peak gain deviation s

R elative bandw idth deviation s

Table A.2 compares these results for a sixth-order elliptical filter (RBW=1%
and 2%) obtained using Monte-Carlo analysis with the predicted results for various
parameter deviations. The predicted values for the centre frequency variations are
calculated using (A. 17) and figure A.8. The error margin is dominated by the error
in Ge obtained using numerical techniques (see section A.3). The predicted values
for the peak gain and RBW deviations are calculated using (A. 16) and (A. 18). The
mean value of the mirror strength obtained using Monte-Carlo analysis for 1200

’ expressed as x±y where x is the mean value of the m irror strength obtained using M onte-C arlo
analysis and y is error in the mean for a 99% confidence level (num ber of samples = 1200) [192]
2 a large margin of error because the mean values are obtained from graphical data.
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samples [104] are shown on the third column. The margin of error is calculated for
a 99% confidence level using [192]:
(A.20)

where inverfQ is the inverse error function and cl is the confidence level in
percentages. (The margin of error for peak gain and fo (with RBW=2%) deviations
is slightly higher because the data was obtained from a graphical representation.)
For the centre frequency deviations, the predicted values are slightly smaller
(large when expressed in dB) than those obtained using simulations. This is
expected, since the predicted values are calculated at the centre frequency, whereas
the simulated values reported are obtained for the whole passband. As discussed
before, the mirror strength will be slightly higher at the passband edge due to both
amplitude and phase deviations of the alias response. The maximum error,
however, is still less than 0.5dB. The predicted values for the peak gain and RBW
variations are within the margin of error, and therefore support the theory behind
these predictions.

A.3 Calculation of th e variance of th e random error vector for large aoThis section gives the detailed analysis to obtain the variance of the random
error vector for a large Oq). Figure A.6 shows the error vector produced for a
deviation angle of O.

V actual

Videal

F igu re A.6: The error vector for a large deviation in O.

Using simple geometry, the length of the error vector can be calculated as:

l = AV2-2cos(<I.)

(A.21)

= 2 A sin (0 /2 )
where ê is the length of the error vector and A is the length of the vector
corresponding to the alias response evaluated at a given frequency. If (Dis a random
variable that has a Gaussian distribution with mean 0 and variance

then ê can

be approximated to a Gaussian distribution if a o is small compared with A. Since
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the random error vector can be resolved into its real and imaginary parts, the real
and imaginary parts of the random error vector can also be approximated to a
Gaussian distribution. Now, it can be seen from (A.20) that the maximum absolute
value of the imaginary part of the error vector is A. Since the mirror is obtained by
summing several error vectors, then maximum value of the imaginary (or real) part
of the mirror vector will be N*A. Therefore, for small N and large a o , the real and
imaginary parts of the mirror vector will not have a Gaussian distribution, and
(A.15) cannot be used to calculate the mean value. The distribution, however, will
be similar to a truncated Gaussian distribution, as shown in figure A.7, and
therefore it is possible to obtain approximate mean values by approximating the
distribution to a Gaussian.
True Gaussian Distribution

Truncated Gaussian Distribution

ko
F igu re A.7: A true and a truncated Gaussian distribution

The error in the mean value calculated using these approximations is expected to
depend on the number of a o contained in a truncated Gaussian distribution (or the
area under a truncated Gaussian distribution). It has been shown that the area under
a truncated Gaussian distribution with standard deviation
is given by [293]:

^f^^fruncated

^

V2j

(A.22)

where erfO is the error function and k is the ratio of the truncated value of the
Gaussian distribution to a o - Therefore if the limits of the distribution is 3 .3 ao
(A:=3.3), then area contained is 99.9% of a true Gaussian, and therefore any errors
introduced by approximating the truncated Gaussian to a true Gaussian is expected
to be in the order of 0.1%. Taking this into account, the variance of the random
mirror vector can be calculated for a large N using numerical techniques, and the
normalised value of this variance can be used to calculate the approximate mirror
strength for any N using (A. 17). Therefore, a simulation routine was set up in
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MATLAB to evaluate equations (A.1) and (A.2) for N=12 to obtain the mean value
of the mirror strength using 100,000 samples. The phase error for each simulation
was generated with a Gaussian distribution with a standard deviation of ao - The
value of N is chosen such that the errors introduced by N is smaller than those
introduced by the limited number of samples. The calculated mirror strength is then
used to predict the value of

using (A. 17). These chosen set of parameters give a

value of <7e whose error is less than 0.5% for a confidence level of 99.9%. Figure
A.8a shows the calculated value of Ge for small Go (G$ in rads), while figure A.8b
shows the calculated value of Gg for large G o (G o in deg). As expected, for small
G o,

Gg is directly proportional to G o , and hence supporting the simulation results.
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F igu re A.Sa: Standard deviation o f 8 with respect to
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F igu re A .8b: Standard deviation o f 8 with respect to

(large O o in deg)

This graph can be used to calculate the mirror strength caused by large GoFor example, in the case of the centre frequency deviations, Go can be calculated
using (A. 17) as:
n n
G
cr<j) —
4 RBW f o

(A.23)

where n and RBW are the order and the relative bandwidth of the filter. The figure
A.8 can then be used to obtain the standard deviation of corresponding random
error vector, Ge(Go), which can then be used to estimate the mean value of the
mirror strength using (A. 17). This, however, assuming that the real and imaginary
parts of the random real vector can be approximated to a Gaussian distribution,
which is a good approximation for large N . Using the above argument, it can be
shown that the error on the calculated mean is:
= (l - erf

(A.24)

Table A.3 gives the values obtained using numerical techniques by
evaluating (A.1) and (A.2) for 100,000 samples and compares them to those
obtained using the above approximations. To support these results, the mirror
strengths obtained for several for small Go are also compared with the theoretical
calculations.
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Table A.2: Comparison the predicted results with numerical simulations
a o =0.1% , (N=3)

-65.82±0.09

-65.8010.09

-65.82

a o =0.1% , (N=7)

-69.51 ±0.09

-69.4810.09

-69.50

0(j> =0.5% , (N=3)

-51.84±0.09

-51.8410.09

-51.84

Ocj) =0.5% , (N=7)

-55.54+0.09

-55.5410.09

-55.52

Od> = 2 7 ° , (N = 3 )

-12.79+0.09

-12.7810.09

=27°, (N=3)

-18.5210.09

-18.4810.09

0 0 =27°, (N=7)

-16.47+0.09

-1 6 .5 0 1 0 .1 1

O 0 =27°, (N=7)

-22.20+0.09

-22.1710.09

O o =27°, (N=15)

-19.7810.09

-19.8110.23

O o =27°, (N=15)

-25.5010.09

-25.5010.09

The predicted values are calculated using (A. 17) with Cg obtained from the
figure A.8. The margin of error of the mirror strength in this case is dominated by
the error in the predicted values of Oe (for a confidence level of 99.9%). The
simulated results give the mean value of the mirrors calculated using (A.1) and
(A.2) for 100,000 samples using a random phase generated with a Gaussian
distribution with a standard deviation act). The theoretical calculations are obtained
using (A.15) assuming that ae=act) (which will be the case for small acD (see figure
A.Sa)). As shown, the predicted mirror strength for small values of act), when
compared to the theoretical results obtained using (A.15), are within the margin of
error. Similarly, the numerical results of the mirror strength obtained using
simulations are also within the margin of error. Additionally, the figures predicted
for large act) obtained using figure A.7 and equation (A. 15), are also within the
margin of error. Hence, these results support the theory behind these predictions.

A.4 C onclusions
The detailed description to calculate the mirror strength for high-level
parameter variations are described in this appendix. Simple equations to predict the
mirror strength for statistical deviation of peak-gain, centre frequency, relative
bandwidth and clock jitter are given. For the case of centre frequency deviations it
was shown that only approximate values of the mirror strength can be obtained. To
verify the method, several examples are given, and compared to those obtained in
the past using numerical techniques. For all cases, the predicted mirror strengths are
within the margin of error, strengthening the theory behind the predictions.

^ m inim um predicted error set by the number of samples used.
^ calculated mean for a confidence level of 99.5% [192]

